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Summary

Specialised design techniques for sigma-delta modulators are described in this thesis

with all of the examples coming from modern communications systems.

The noise shaping and the signal transfer functions can be optimisedﬂ using a
weighted least squares approach. Numerical problems arising in the optimisation as
a result of high oversampling rates are overcome through the use a simple
transformation. The application to‘digitising audio is discussed, with the conclusion
that Butterworth response noise shapiné is preferable to inverse Chebyshev noise
shaping for audio applications. An example of optimising the signal transfer function
to provide immunity to instability brought about by large out-of-band signals is also

presented.

The use of redundant arithmetic in the implementation of very high speed sigma-
delta modulators is introduced, together with a DAC / filter combination suitable for

‘reconstructing an analogue signal from the redundant arithmetic SDM.

An improved topology for a speech compander is described which offers a number of
significant advantages over existing published methods. This uses no external
components for ac coupling or setting the response time-constant, yet is robust and
insensitive to parasitic components and process variations. This has been integrated

on a CMOS IC process and the results are compared with the high level simulations.

A simulation method which allows the verification of switched-capacitor schematics
with several orders of magnitude speed improvements over commercially available
simulation tools is discussed. The method assumes ideal components, with internally
controllable switches and reduces the schematic netlist to the few key equations that
an experienced designer would derive manually. This process is fully automated and

consequently is useful for providing confidence in implementations of complex SC-

systems.

ii



For Kathy.

iii



Acknowledgements

I would like to thank all those people who have helped in the combletion this work.
In particular I would like to thank my supervisors Professor J.I. Sewell (academic
supervisor) and Professor J.R.C. Reid (industrial supervisor). In addition I would

like to thank Dr. A.D. Milne for making the industrial liaison possible.

I would like to acknowledge Wolfson Microelectronics, Edinburgh' for financial

support throughout the research period. The SERC also contributed financially.

I am very grateful for advice and assistance from Dr. R.K. Henderson and Dr. Lu
Yue.

My experience at Wolfson Microelectronics has brought me in contact with a large
number of people who have helped direct the aims of this research to real-world
problems and I would like to thank all those who have worked at WM during the past

years for providing such a unique environment in which to perform this research.

Much of the work of implementing and testing of the fabricated chips was performed
by others. Brian Bogie and Colman Clarke performed the measurements on the

integrated devices. All of the test boards were constructed by Jake McTique.

Thanks must be given to the various computer system administrators who have

helped with the multitude of small and most often trivial problems that occur when I

work with computers.

Finally I would like to thank Dr. Katherine Eremin without whose encouragement

and persistence this thesis would not have been completed.

iv



TABLE OF CONTENTS

1 INTRODUCTION ,

1.1 SIGMA-DELTA MODULATION

1.2 APPLICATIONS
1.2.1 Analogue to Digital Conversion
1.2.2 Digital to Analogue Conversion
1.2.3 Multi-Level Converters

1.3 COMMUNICATIONS APPLICATIONS
1.3.1 Voice Channel
1.3.2 Data Channel

1.4 DESIGN TECHNIQUES
1.4.1 Transfer Function Design _
1.4.2 Realisation
1.4.3 Simulation

1.5 PURPOSE OF RESEARCH

1.6 STATEMENT OF ORIGINALITY
1.7 REFERENCES

2 DESIGN OF HIGH ORDER SIGMA-DELTA MODULATORS
2.1 INTRODUCTION |
2.2 TRANSFER FUNCTION DESIGN
2.2.1 NTF/STF denominator design
2.2.2 NTF numerator design
2.2.3 Direct Solution '
2.2.4 Transformed Least Squares Noise Minimisation
2.2.5 STF Design
2.3 LOOP FILTER REALISATION
2.4 EXAMPLE - PSYCHO-ACOUSTIC NOISE SHAPING
2.5 EXAMPLE - MODEM
2.6 SUMMARY
2.7 REFERENCES

O© O ® - &8 & W N =

[ T
T WL NN - O O

18

19

19

20
21
24
25
26
27
32
37

42

43



-

3 HIGH SPEED DIGITAL SIGMA-DELTA MODULATORS AND

RECONSTRUCTION FILTERS : 46
3.1 INTRODUCTION | ’ 47
3.2 REDUNDANT NUMBER SYSTEMP . ' 48
3.3 SIGMA-DELTA TOPOLOGY - 52
3.3.1 SBNR Adder | 53
3.3.2 SBNR Comparator " 54
3.4 SBNR SIGMA DELTA MODULATOR 55
3.5 ALTERNATE REDUNDANT IMPLEMENTATIONS ' 60
3.5.1 SBNR implemented using ternary level logic 60
3.5.2 Higher radix based systems 60
3.6 RECONSTRUCTION FILTER DESIGN OPTIONS ' 61
3.7 FIR TRANSFER FUNCTION DESIGN | 63
3.7.1 Filter Implementation 66
_ 3.7.2 Alternate Design Method | 68
3.8 REJECTION OF MODULATED TONES 70
3.9 SUMMARY | 73
3.10 REFERENCES 74
4 COMPANDERS EXPLOITING SIGMA-DELTA MODULATION 77
4.1 INTRODUCTION 78
4.2 CONVENTIONAL IMPLEMENTATION 80
4.2.1 Design Issues .80

4.3 SIGMA-DELTA BASED COMPANDER - 82
4.3.1 Disadvantages 83

4.4 IMPROVED COMPANDER SYSTEM ’ 84
4.4.1 Unipolar and Bipolar Sigma-Delta Modulation 86
4.4.2 Performance of first order sigma-delta modulation 88

45 SIMULATION RESULTS 90

4.6 PRACTICAL IMPLEMENT ATIONS 97
4.6.1 ADC 98
4.6.2 Reconstruction Filter ) | 100 . -

4.6.3 Digital circuits ' 101

vi



4.6.4 Decimation Filter 103

4.6.5 High Pass Filter , 103
4.6.6 Absolute Value Circuit | " 104
4.6.7 Low Pass Filter o o 104
4.6.8 Expander Sigma-Delta Modl;lator 104
4.6.9 Compressor Sigma Delta Modulator 105
4.7 TEST RESULTS | g 105
4.7.1 Expander : , 105
4.7.2 Compressor ‘ 108
4.7.3 Test Issues , 109
4.8 SUMMARY ) 110
4.9 REFERENCES | ' 110
5 SIMULATION METHODS : 113
5.1 INTRODUCTION o 114
5.2 SC SYSTEM VERIFICATION : 117
5.2.1 Existing SC Simulation Tools 118
5.2.2 Formulation of Circuit Equations _ 119
5.2.3 Minimisation of the SC equations . 121
5.3 CONTRIBUTIONS TO THE CIRCUIT EQUATIONS 121
5.3.1 Closed Switch 122
5.3.2 Independent Voltage Source 122
5.3.3 Voltage controlled voltage source : 123
5.3.4 Operational Amplifier 123
5.3.5 Buffer 124
5.3.6 Capacitance ' 125
5.4 COMPUTER IMPLEMENTATION 125
5.4.1 Reduction of the equation set. ) 127
5.5 EXAMPLES | 127
5.5.1 Finite Bandwidth and Resistance Effects 137
5.5.2 Third Order Sigma-Delta Modulator 138

5.6 COMPARISON OF SIMULATION SPEED ) | 144

5.7 SIMULATION OF DIGITAL SYSTEMS 145

vii



—

5.7.1 Fixed Point Arithmetic in C++
5.8 SUMMARY
5.9 REFERENCES

6 CONCLUSIONS
6.1 DISCUSSION OF RESULTS
6.2 PROPOSALS FOR FUTURE WORK
6.3 REFERENCES

7 APPENDIX - TRANSFER FUNCTION MANIPULATION LIBRARY (TEN)
7.1 INTRODUCTION
7.2 MACHINE REPRESENTATION OF POLYNOMIALS
7.3 TRANSFER FUNCTION INPUT FORMAT
7.3.1 Valid Numerical Suffixes
7.3.2 Valid Transfer Function Keywords
7.3.3 Simple factor definition
7.3.4 Other Manipulations
7.4 STAND-ALONE PROGRAMS
7.5 EXAMPLE

viii

146
148
148

152
153

155

157

159
160
161
162
163
164
165
169
169
173



INTRODUCTION

1.1 SIGMA-DELTA MODULATION

1.2 APPLICATIONS
1.2.1 Analdgue to Digital Conversion
1.2.2 Digital to Analogue Conversion
1.2.3 Multi-Level Converters

1.3 COMMUNICATIONS APPLICATIONS
1.3.1 Voice Channel
1.3.2 Data Channel

1.4 DESIGN TECHNIQUES
1.4.1 Transfer Function Design
1.4.2 Realisation
1.4.3 Simulation

1.5 PURPOSE OF RESEARCH

1.6 STATEMENT OF ORIGINALITY



1.1 SIGMA-DELTA MODULATION

In recent years sigma-delta modulation has become a widely used technique for
analogue to digital and digital to analogue convcrsicin. Sigma-delta modulators offer
a number of iinique advantages for such converters, paiticulafly when the modulators
are implemented using modern integrated circuit technologies [1,2]. In 1985 very
few communications systems used sigma-delta modulation [3]. Within ten years this
technique rose to become the predominant conversion technology for signals of
bandwidths up to around 50kHz [4,5]. Although sigina-delta modula_tion is not a

recent concept [6], its rapid increase in use has spawned much new interest in the

research community.

Noise shaping has beeri an available technique for improving the performance of
analogue to digital converters (ADC) for a long time [7]. Essentially the quantisation
errors are fed back through a linear filter to influence subsequent quantiser decisions
(Figure 1-1). The effect of the filter is to amplify the effect of the quantisation noise
over some frequency range and reduce its effect over other frequencies. The result of
this is that the quantisation noise can be significantly reduced over a narrow
frequency rdnge. Therefore the system must be operated at a higher sarxiple rate than
that dictated by the bandwidth of interest. This is termed oversampling. The output

signal is often filtered elsewhere in the system to remove the shaped quantisation
noise, ‘
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Figure 1-1  Noise-shaping quantiser.

The term sigma-delta modulator (SDM) is usually applied to an extreme
implementation of noise shaping where the oversampling ratio has been increased
such that only a few quantisation levels are required. Often only 2 to 16 quantisation
levels are used with oversampling ratios in the range 50-250 to provide performance
equivalent to 16-20 bit quantisers over the signal bandwidth. In particular, the single
bit or two lgvel quantiser has the uniciue property that its output levels inherently lie
On a straight line. Whilst the two level sigma-delta modulator system is not
inherently linear, it does retain the important feature that fabrication tolerances do not
affect the linearity of the converter. Errors in the quantiser levels give rise to gain
and offset errors which are usually of less importance than linearity. Thus with the
two level system, it is possible to create very low distortion converters without

particularly accurately matched components.

Sigma-delta modulators are often constructed using a variation on the noise shaping
topology as shown in Figure 1-2 which can be shown to be equivalent to Figure 1-1.
Throughout this thesis the transfer function of sigma-delta modulator loop filter is
denoted by the symbol H(z). This is a linear filter. The two level quéntiser has a

single decision level which can be implemented using a single comparator.
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Figure 1-2  Sigma-delta modulator

When the quantiser of the basic sigma-delta modulqtér (Figure 1-2) is modelled by an
additive noise source the resulting system (Figure 1-3) is linear. Transfer functions

may be derived for the signél transfer function (STF) and the noise transfer function
(NTF).

Q guantisation
noise
X Y
: H(z) + : >
input quantised output

Figure 1-3  Linear Model of sigma-delta modulator

The equations are:

Y 1

NTF=—s—n (1-1)
Q 1+gH(2)

STF=_Y_=__§ﬂ§_)_ (1'2)
X 1+gH(2)

Typically H(z) has a very high gain at low frequencies giving very little quantisation
- Doise in the signal band. The STF normally has a flat response through out the signal

band. The loop filter may be extended to provide a definable numerator for the STF.

For a first order sigma delta modulator H(z) is an integrator with the transfer function

-1 -1 : s . .
z2/(1-z"") and it can ‘be shown that the quantisation noise appears at the output having
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been shaped with the high pass noise transfer function 1-z'. The noise spectral
density at low frequencies rises with the first order slope of +6dB/octave. In general,
higher order loop filters of order n may be designed which yield noise transfer where

the noise spectral density at low frequencies rises by 6n dB/octave.

Doubling the sampling frequency of a system with white quantisation noise gives
only a 3dB improvement in the base-band signal to noise ratio (SNR) since the in-
band noise is halved. When the noise has been shaped inside a sigma-delta
modulator the improvement in SNR becomes (6n + 3) dB for each doubling in

sample rate. Thus for a second order SDM the performance improves by 15dB for

each doubling in sample rate.

Since the output of a sigma-delta modulator contains significant high frequency
noise, in most applications the output is low-pass filtered to remove this noise. If a
discrete-time filter is used, it is possible to reduce the output sampling rate. The
resulting overall system consisting of the SDM and low pass filter may then be
compared to a conventional non-oversampled high resolution quantiser. A m bit .
quantiser has 2" output levels. The SNR achievable from this is 176 + 6.02m dB
and thus the SNR achieved from a sigma-delta modulated system may be directly
compared to a m bit non-oversampled quantiser. Each doubling in sample rate of a

n" order sigma-delta modulator gives the performance equivalent of an additional
n+7 bits,

1.2 APPLICATIONS

- Sigma-delta modulators are most often used for analogue to digital and digital to
‘analogue conversion. They can also be used for frequency synthesis purposes which
have important applications in communications systems and for deriving the

oversampled clock signal required for sigma-delta modulator based converters [8,9].



1.2.1 Analogue to Digital Conversion

For an analogue to digital converter (ADC), the loop filter and the quantiser are
implemented using analogue circuits. The ovefsainpled digital output is then
digitally filtered and re-sampled to give a lower sample rate (decimated), bqt higher
precision result. It has been the advances in digital technologies which has allowed
- these digital filters to manufactured cost-effectively. The analogge circuitry is most
often implerﬁented using SC techniques, although ‘continuou's time loop filters and
switched-current based loop filter implementations have also been reported [5].
Continuous time techniques are used for either very high precision, low bandwidth
converters, or for very high speed converters. For precision and bandwidths between
these extremes, switched-capacitor techniques are preferred. Switched current
methods have the advantage of being compatible with purely digital CMOS processes
[10]. However because the noise and linearity of switched current integrators is

relatively poor, few switched current based modulators give more than about 12 bit

performance [11].

The amount of digital circuitry required for the decimation filter can be significant.
The most common approach uses two decimation stages, the first being a comb filter
(sinc”) which can be implemented efficiently [12]. This filter operates on data at the
Oversampled rate. The second decimation filter is often a direct implementation of a
decimating finite impulse response (FIR) filter [13]. Speéial techniques for reducing

the computational requirements for decimating filters are becoming increasingly
Common [14].

1.2.2 Digital to Analogue Conversion

For digital to analogue converters (DAC), the sigma-delta modulator is implemented
using digital methods. The implementation issues are similar to those for recursive,
infinite impulse response (IR) filters. One problem is that because of the

oversampling, the modulator has to operate at high speed. Pipe-line techniques



cannot be used directly since the input of loop filter is a function of the output of the
filter in the previous sample instant. This problem is addressed in Chapter 3. The
shaped quantisation noise produced by the sigma-delta modulation process must be
removed using an analogue filter. The pérformaqce~ of the overall converter will
typically be limited by the performance of this filter. Improving the performance of
these filters and designing new systems which produce less quantisation noise and so

require less filtering are areas of active research.

The digital interpolation filter required to increase the input signal sampling rate up
to the oversampling rate can be simpler than the corresponding digital decimation
filter in the ADC case. This is because out-of-band images are furthe; reduced by the

analogue filter which is present for removing the shaped quantisation noise.

1.2.3 Multi-Level Converters

Modem silicon processes offer component matching accuracy suitable for the direct
implementation of ten to twelve bit converters. The two level sigma-delta modulator

does not exploit this accuracy.

Multi-level converters use more than two levels to represent the input signal. The
cofrc_;ct alignment of these levels is of great importance in determining the linearity
of the resulting converter.  Multi-level sigma-delta modulators have many
advantages. The lower quantisation step gives reduced quantisation noise with less
stringent requirements on the filters used to remove the quantisation noise (both for
ADCs and DACs) and a consequent reduction in power consumption. Multi-level
sigma-delta modulators are also easier to stabilise and have less susceptibility for the
| generation of spurious tones. Typically components may be integrated which match
to within one least significant bit at the 10 to 12 bit level. A multi-level sigma-delta
modulator constructed using these components will exhibit linearity in the same 10, to
12 bit range. This has been the prime motivation to using the single bit, two level

system, even although higher resolution DACs may be integrated reliably.
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A recent trend has been to design multi-level sigma-delta modulators which retain
insensitivity to component mismatch while exploiting the level of comgonent
matching which is available [15]. This is done by constructing the DAC from
multiple unit elements and by ensuring the usage of each of the elementé is such that
errors have little effect over the band of interest‘. Errors in each of the unit elements
result in additional noise which appears at the output as though it has been high pass
filtered by a first order transfer function. Errors for DC signals are compleiely
eliminated, while errors for low frequency signals are very much reduced. It is likely
that these methods will become common practise in the future. A techhique is
discussed in Chapter 3 which provides a multilevel output where the linearity is

independent on component matching.
1.3 COMMUNICATIONS APPLICATIONS

Sigma-delta modulators are used for analogue / digital conversion for many modemn
Communications systems. There are two basic types of signal which may be
converted: the source signal and the data signal (Figure 1-4). The source signal is the
analogue speech or video signal which must be digitised before transmission and
Teconstructed upon reception. This thesis is limited to voice and audio type source
signals. The data signal is the digital signal which has been modulated in some
manner to allow transmission of the digital signal along an analogue transmission
channel. However even entirely analogue transmission systems may benefit from

using sigma-delta modulation to help perform signal processing. An examplé of this
is discussed in Chapter 4.

od
Transmitter A modulated data Receiver Feproduced

Figure 1-4  Modem Digital Communication Channel



1.3.1 Voice Channel

«

The key requirements for the voice channel of communications systems such as
cellular and traditional telephone line components are for AkHz bandwicith and 40-
50dB signal to noise ratio (SNR). The dynamic range requirement is typically higher
than the SNR requirement - in other words the noise is allowed to increase in the
presence of large signals where the noise will be unobtrusive. The system discussed

in Chapter 4 exploits sigma-delta techniques to yield this characteristic.

Higher performance than traditional telephone line quality is now becoming more
common [16] for applications such as ISDN, video-conferencing, speech
storage/playback and numerous other audio applications. A design technique to

achieve higher perceived audio performance at lower oversampling rates is discussed
in Chapter 2.

1.3.2 Data Channel

New methods for communications across noisy channels ’have become almost
eXclusively digital. However the digital data still needs to be modulated and
transmitted over an analogue channel and high performance analogue / digital
conversion is often required. Some recent communications standards have much -
higher performance requirements in terms of bandwidth, SNR and distortion than the
voice channel, even if the data channel is principally being used to transmit the
digitised voice signal [16]. This is due to the trend of squeezing channels
increasingly tightly into the radio-frequency spectrum, whilst still rejécting la;ge
adjacent band or interfering signals. This is discussed further in Chapter 3. Another
. €Xample of the high performénce requiremenis of data channel converters is the case
of the modems used to transmit data between computers along the standard dial-up
telephone network. Here high precision is required from the ADC to ensure that no

information is lost in the conversion, even in the presence of near-end cross-talk,



echoes and interference. Optimising the ADC for the case of interference with

known characteristics is discussed in Chapter 2. “«

1.4 DESIGN TECHNIQUES

The mathematics required to describe the behaviour of sigma-delta modulators is
very complex due to the presence of the quantiser which is very non-linear. The
output of simple systems such as the first and second order sigma-delta modulators
with constant inputs have been derived but these methods have yet to be applied to
higher order modulators. However design techniques for high order sigma-delta
modulators based on a linear model are now widely known. The design cycle is
similar to the process for filter design - transfer function determination, realisation,
and simulation. The simulation requirements are more sévere than for the filter case

as the modulator must be extensively simulated to determine the performance since

analytic methods are not available.
1.4.1 Transfer Function Design

Sigma-delta modulators can be divided into vtwo types: low order and high order.
Low order modulators are either first or second order and are relatively simple to
design [17). Low order modulators offer limited noise shaping and require relatively
high Oversampling ratios. First order modulétors particularly suffer from spurious
tone effects, although almost all sigma-delta modulators exhibit spurious tone effects
1o some degree unlesé a noise signal (dither) is added to de-correlate the quantiser
eﬁror signal from the input signal. Sigma-delta modulators of order greater than two,
with only two quantisation levels were once believed to be unstable, but design
\ technjques are now available which allow stable operation with input signal

magnitudes of up to approximately half that of the reference [18].

The design of high order sigma-delta modulators relies on being able to approximate

the quantiser as an additive noise source (Figure 1-3). Although this is a rather gross

10



-

approximation for the one-bit case, it allows the otherwise intractable mathematics to
simplified. In practise the quantisation noise being fed back though the loop filter is
enough to dither the quantiser sufficiently to make the approximation good enough to
be useful. It is difficult to determine the gain g to assign to the quantisér when it has
only two levels and rules of thumb must be used during the design process to ensure

that the effective gain g of the quantiser is the same as that used during the design

process.

During the course of the research period various pieces of software were written to
help design and simulate both analogue and digital SDMs. Central to these is TEN
which is used to describe and manipulate transfer functions in many convenient
forms. The exampies in this thesis are described using this transfer function language

and a full description of this format has been included in the Appendix.

1.4.2 Realisation

Unlike the general filter situation, only a few different topologies are used for
realising sigma-delta modulator loop filter H(z) for the single quantiser sigma-delta
modulator depicted in Figure 1-2. The topology originally suggested for high order
modulators [18] was quickly superseded for reasons of sensitivity. The cascade of

integrators and resonators topology [19] has remained the most commonly used
topology. ‘

The above discussion concentrated on the single loop sigma-delta modulator with a
single quantiser. There is also the cascade type sigma-delta modulator which uses
tWo or more simple sigma-delta modulators in cascade, with each modulator
| digitising the quantisation_noise of its predecessor. This is little different from other
Cascade type conversion techniques such as pipe-line ADC converters, except with
noise shaping. This work concentrates on the true single stage sigma-delta

modulator, although a two stage cascade modulator is used as an example in Chapter
S. ‘

11
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There has also been some significant research into the area of band-pass sigma-delta
modulators which are capable of directly quantising a narrow band intermedliate
frequency (IF) signal without down-converting to a base-band frequency region [20].
These converters are ideal for communications applications. Whilst many of the
design techniques discussed in this thesis are also applicable to band-pass systems,

this work concentrates on the base-band cases.

1.4.3 Simulation

Sigma-delta modulators require a well planned simulation strategy. Since to fullyy
determine the performance requires many millions of clock cycles it is not
appropriate to try to predict system performance using tools such as SPICE or even
digital simulators for digital modulators - the simulation time is too great.
Simulation of a switched-capacitor based sigma-delta modulator takes of the order of
a few days to obtain the number of output samples required to obtain a single signal
to noise ratio value, for a particular input amplitude and frequency. Complete
characterisation of the system using SPICE is therefore unrealistic. It is necessary to
model the system with various levels of refinement. Transistor level models are
simulated over a few cycles to prove the functionality of the low level design. Higher
level models are used to provev the topology and component values of the
implementation are correct and even higher level models, often compiled from C
language code, are used to determine the system performance over different input
levels.. Proving that a schematic is a correct implementation of the desired function is

Very important, yet surprisingly difficult, and this is addressed in Chapter 5.

L5 PURPOSE OF RESEARCH

This research aims to provide techniques to improve performance and cut the
implementation cost of sigma-delta modulators used in communications applications.
Individual conversion components in communications applications are often only -

lqosely specified since it is the overall system performance which is tightly specified.

12 ’
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Often it is possible to exploit this by using advanced system level design methods to
adapt and tailor the performance to that required. Rather than specifying
requirements in terms of signal to noise ratio (SNR), out-of-band noise, distortion,
phase-linearity and bandwidth, it is often the requirerpent to meet speciﬁcétions of in-
band signal to noise ratio, bit-error rate, adjacent channel rejection, spurious-free
dynamic range, phase error and vector error. A system which is optimised for these
parameters will often be simpler and cheaper than a system designed to meet more

conventional AC specifications.

Designing real sigma-delta modulators often requires manual optimisation of certain
characteristics which cannot be incorporate;i into a fully computer-automated
procedure. Design software for sigma-delta modulators needs to be sufficiently
flexible to allow a designer to manually optimise, even if this mandates designer
intervention throughout the process. Flexibility is often more important than design
automation incorporating prior knowledge - the designer must be required to provide
the knowledge and the ideas. This contrasts the situation with filter design where
standard filter design procedures may be completely automated with the software
making multiple design decisions which the designer may not be aware of and need
not understand. This difference is the result of the relati\}e youth of sigma-delta
modulator knowledge and the fact that the mathematicé behind sigma-delta

modulators is intractable and approximations must be made which are often barely
adequate,

L6 STATEMENT OF ORIGINALITY

The following papers were published during the course of this research:

[l DM. Hossack and J.I Sewell, “A Method for the Evaluation of Multirate
Sigma-Delta Systems,” IEEE International Symposium on Circuits and

Systems, San Diego, California, pp. 1328-1331, May 1992.
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[ii] D.M. Hossack and J.I. Sewell, “Computer-Aided Design of High Order Sigma-
Delta ADCs,” IEE Colloquium on Advanced A-D and D-A Conversion
Techniques and Applications, London, UK, Digest No: 1993/128, May 1993.

liii] D.M. Hossack and J.I. Sewell, “Design of High Order Audio Sigma-Delta
Modulators with Minimum Weighted Noise,” IEEE International Symposium

on Circuits and Systems, Chicago, Illinois, pp. 180-183, May 1993.

iv] D.M. Hossack, J.I. Sewell and J.R.C. Reid, “Issues in the Design of Low
Oversampling Ratio Single Bit Sigma-Delta Modulators,” IEE Colloquium on
Oversampling Techniques and Sigma-Delta Modulation, London, UK, Digest
No. 1994/083, March 1994. '

[vVI DM. Hossack and J.I Sewell, “The Application of Redundant Number
Systems to Digital Sigma-Delta Modulators,” IEEE International Symposium
on Circuits and Systems, London, UK, pp. 481-484, May 1994.

The following results of the research in this thesis are, as far as is known, original:

In Chapter 2, the use of least squares methods to minimise'weighted noise in high
order sigma-delta modulators is demonstrated with the application to minimise
audible noise and to exploit this to allow reduction in oversampling ratio. The result
that the simpler classical Butterworth high pass noise transfer function exhibits lower

audible noise than elliptic and inverse Chebyshev designs. The requirement to dither

high order modulators is noted.

The suitability of using redundant number arithmetic in the implementation of digital
sigma-delta modulators is demonstrated in Chapter 3, allowing arbitrarily high
accuracy and very high speed digital sigma-delta modulation without any word-
length / speed trade-off. This high speed sigma~delm modulator can be used to
perform a high speed FIR filter / DAC combination. The advantage of the FIRDAC
approach for reducing the effect of performance degradation arising from noise and

interference on the reference making it a suitable technique for very high speed
sigma-delta DACs.

14
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The improved topology of the sigma-delta based compander discussed in Chapter 4

and the implementation using mixed signal techniques to ensure robust performance

are the subjects of a patent application.

The method for reduction of switched capacitor circuit schematics to simple algebraic

equations method described in Chapter 5 allows order of magnitude speed

improvements over existing circuit verification and simulation methods. The use of

the C++ operator overloading capability allow bit-level accurate digital simulations

to be concisely and efficiently coded in a standard computer language.
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2.1 INTRODUCTION

In this chapter the design of high order single bit sigma-delta modulators is
discussed. The determination of stable noise transfer"rfu-hctions (NTF) is described
using a frequency weighted approximation method to minimise the effect of
quantisation noise. The design of the signal transfer function (STF) is then discussed
including the possibility of introducing pre-emphasis or signal frequency shaping to

give a frequency dependent overload characteristic.

The approximation techniques for optimised signal transfer functions and the noise
transfer functions give, in many applications, better performance than classical
functions. These functions are then used to determine the coefficients required for a

digital implementation or the capacitor values required for a switched capacitor
network.

Two examples of the design methods are presented. The first considers the design of
sigma-delta modulators specifically for audio applications, where the noise transfer
function may be optimised to be minimally audible under the very non-flat response
of the ear. The second example is for a telephone modem analogue to digital
converter where the design of the loop filter can be made to act as an input filter and
8ain stage while simultaneously providing noise shaping. This eliminates the

requirement for a high performance filter and gain stage before the analogue to digital
conversion.

2.2 TRANSFER FUNCTION DESIGN

The design procedure starts by determining suitable transfer functions for the loop .
filter.
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The signal transfer function (STF) and the noise transfer function (NTF) must first be
designed subject to a number of constraints [1]. These transfer functions are then
used to design the coefficients for the desired topology used to implement the loop
filter. The transfer functions may be optimised to improve performance and to make
the modulator simpler to implement for both analogue and digital systems. In
particular, the noise transfer function may be designed to have minimal noise present
over the frequencies where the application is most sensitive to noise. Where the
modulator is being used to process audio information, the noise transfer function
should be designed to have least noise over the frequency around 3kHz where the
human ear is most sensitive [6]. This improves the perceived noise performance of
the modulator. For the case of processing data signals, the modulator may be
optimised to produce less noise in the adjacent signal bands at the cost of increased

in-band noise which often is less critical.

The design of the loop filter starts with the determination of a stable denominator.
Two numerators are required for this denominator: a high pass function for the NTF
and a low-pass function for the STF. These functions can then be realised by a single

loop filter with two inputs.
2.2.1 NTF/STF denominator design

The key to the design of stable high order sigma-delta loops is the NTF denominator
Dyy(z). The poles must be chosen to limit the high frequency gain to be around 3 dB
[1]. It is also necessary to ensure that the coefficient of the highest powers of z in
both the numerator and the denominator are unity - this ensures that the sigma-delta
loop is not ‘deiéyg free [2]. A convenient way to satisfy these requirements is to use
Butterworth or Invc:sxfé ‘Chebyshev high pass filter pole positions and then by
adjusting the cut-off frequency move the poles towards or away from ‘the unit circle
until the gain has the desired value A szmple computerxsed iteration process can be
used to achleve this. Tn pracnce a few manually invoked iterations using a program
such as MATLAB [3,4] or TFN (Appendix 1) is all that is required.



2.2.2 NTF numerator design

The zeros of the NTF can be chosen almost independently from the poles because,
for most over-sampling ratios, moving the zeros through the signal band has very
little effect on the response in the noise band and consequently, on stability. Rather
than using classical approximations (either Butterworth with all zeros at DC, or
inverse Chebyshev with an equiripple noise response), the method adopted here
involves placing the zeros so as to minimise the frequency weighted effect of the
shaped quantisation noise. As noted in [5], even if the noise weight function is flat,
the inverse Chebyshev response does not give the minimum noise integrated over the
signal band. A good example of improved performance with a non-flat weighting
curve is the design of sigma-delta modulators for audio applications. Figure 2-1
shows the typical response of the ear to low level sounds (15-phon) [6]. The
sensitivity of the ear varies with sound amplitude and the optimisation is performed

for the case of small amplitude signals where additive noise will be the most apparent

[7].
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Figure 2-1 The sensitivity of the ear to low level sounds.
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We want to minimise:

N, @ |
W ——5 - lz dz (z=e")
Dn/f (Z)

signal
band

with

i=n

Nn,f(z)=2a,.z’ , a, =1
i=0

(2-3)

(2-4)

and Dy(z) is the stable denominator and W(z) is the chosen weighting function. This

i=n

is equivalent to fittin a.z' to the function 7" over the signal band, with a
g i ‘ g

i=1

frequency dependent Weighting function. This can be achieved by using least squares

techniques [8,9]. The order of the problem can be halved by forcing the zeros to lie

on the unit circle:

For n even:

n/2

fit: Za,.(z”"+z") to 7"+1

i=l

(i.e. coefficients are symmetric)
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For n odd:

(n-1)/2

fit Ya(" -z to z"-1 (2-6)

i=]

(i.e. coefficients are anti-symmetric)

The basis functions are:

X (=2""+7 n even 2-7)

X ()=2""-¢ n odd

The weight function and the desired function are evaluated over a uniformly
distributed set of fvrequencies'fi spanning the full signal band f, to fx.; to obtain the
vectors w; and y; respectively (Equations (2-8) .. (2-11) ). If the real decimation filter
response is known, then the frequency set f; can be carried into the noise band to take

into account the noise which is aliased back into the signal band.

= fyriiasde; (2-8)

x, = I ( j=a=1 ) (2-9)
w, = W(x)| (2-10)

y=x"+1 neven 2-11)

y,mx,a">~1 o nOdd .



2.2.3 Direct Solution

The merit function that is to be minimised is the mean-square sum of the weighted
error between the desired response and the obtainable responses from the M basis

functions Xy(z) sampled at the N points x;:

2

N
£=Y w0~ T aX, @) )] 12

i=l

The minimum & occurs when the derivative of (2-12) with respect to all M

parameters a; is zero:

N M
0=zw,{y,. —Zajxj(xi)}x,((x,.) k=1,.,M (2-13)

i=] Jj=1

Interchanging order of summation:

Iﬁ:;[gwijb(xi)hxk(xi)]aj :glwz)’:xk(xi) (2-14)
This represents a s}}e’t‘of Iinegr equations. In matrix form:ﬁ

W is diagonal matrix 5¢0nt4;:liﬁing w?

A is the matrix of basis functions A; = Xi(x)

b is the vector of the desired function

a is the vector of coefficients (unknown)
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£ =(A.a-b)".W.(A.a-b) (2-15)
with the solution by solving equation (2-16) for a:

AW.AT.a=A"W.b (2-16)

This can be simpliﬁed by redefining A and b as being the weighted vérsions:

Ay =w X (x)) 2-17)
b =w,y, (2-18)
(AT.A).a=A".b ' 2-19)

The set of equations given by equation. (2-19) are known as the normal equations.

Direct solution from the normal equations can be numerically problematic.
2.2.4 Transformed Least Squares Noise Minimisation

Direct solution of the least squares problem (2-19) is numerically ill-conditioned. A
better method is the singular value decomposition method [8]. Other advanced
methods are also available :[10]. The minimisation problem of (2-19).is ill-
conditioned since the weight functions are only non-zero over a small range of
* frequencies and the basis functions have quite similar shape over this small range. It
is better to solve the minimisation problem over a wider range of z-domain
frequencies and then transform the resulting solution. This may be achieved by using
a bilinear transformation of the form [11];




This maps the z-domain unit circle on to itself. The factor ¢ determines how the

warping of frequencies occurs. The frequency ® transforms to frequency o' for the

value

. (w-d))
smm—————

YY)
sm——

(2-21)

The typical bandwidth of the signal band is of the order of 0.01 for a normalised
sample rate of 1. The minimisation problem is transformed so that the band edge
frequency of 0.01 becomes (say) 0.25 with the result that the whole noise band from
0.01 to 0.5 would bééome compressed into 0.25 to 0.5. Since the transformation
(2-20) introduces n po]és of the form (I-0.z) for an n” order transfer function, the

problem must be pre-warped to cancel this effect.
22.5 STF Design

Only the numerator of the STF can be designed independently from the NTF A
number of pdésibilities are available. Once choxce is a constant (or a constant
multiplied by a power of z'). This gives a low pass response with a flat response
through out the 31gna1 band w1th attenuation at hlgh frequencxes This also has a
Structural advantage in that the mput mgnal naeds to be apphed only to a single pomt
in loop filter and not to multlple nodes Thus the reahsauon is sxmpler for both the
analogue and d1g1ta1 1rnplementat10ns An alternate choice of STF is to place the
Zeros on top of the poles (whxch are the same as the NTF poles) ThlS is seen to
reduce the coefﬁment spread after scalmg and has the advantage of qmcker recovery
from out of-range mputs [121. However unless an addltxonal summer is used the
order of the numerator is restncted to be one less than the denominator (for the
cascaded resonator topology) and so at least one pole must remain uncancelled. For
odd orders, the result is a smooth first order low-pass STF with cut-off well beyond
the s1gnal band.



Alternatively, the STF may be modified to include some kind of pre-emphasis. For
audio signals, this can give an improvement by better matching the dynamic range as
a function of the frequency of the audio source material to the ADC. Typically less
dynamic range is required at high frequencies and this can be traded for more
dynamic range at low frequencies [19]. The pre-emphasis can be removed by the
decimation filter to give an overall flat frequency response, but with a frequency
dependent overload range. It is important to also consider the time-domain response
from the input to the comparator, since transient overshoot can take the modulator
beyond its stable region. Thus the amount of pre-emphasis that can be applied in

practice is limited.

A second reason for choosing an unusual STF is to reduce the susceptibility of the
modulator being made unstable by a large unwanted signal. The STF is designed to
have high attenuation at frequencies where unwanted signals may occur. This is

illustrated later in this chapter for a modem example.
2.3 LOOP FILTER REALISATION

For the case of analogue to digital convertcrs it is possible to directly convert the
NTF and STF into the capacitance values ussdi}n} the cascaded ;switched capacitor
(SC) resonator topology . The loop filter is foﬁned by a cascade of the first and
second order sections shown in Figure 2-2 [2]. Each section has a cascade input, and
inputs from the input signal and the comparator feedback signal. A similar topology
can also be used for digital modulators. The capacitor values could be determined by
solving the difference equations representing the network to determine the transfer
function in terms of the capacitor values and then solving the sets of equations arising
by equating coefficients of z. This is cumbersome for higher orders and is vnot
amenable to automated design by computer. A general design procedure is described

here.
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Figure 2-2  The first and second order SC sections used to construct high order

loop filters,
For the first order section in Figure 2-2:

~1 ,
.i_ - -I-f:i_.* 2 (2:22)

and for the second order section:



Y _ £z
X, 1+(b-2)z7"'+77

(2-23)

and:

_}_,_ — fmznl(l ) (2-24)
X, 14(b-2)7"+77

As only capacitor ratios are required, the integrating capacitors and the coupling
capacitors are initially chosen as unit capacitances, leaving only the resonance
capacitors (b) and the signal and the feedback feed-in capacitors unknown (s; and f)).
The final values of all the capacitances will be determined by scaling the network to

limit maximum signal swings and minimise capacitances.

.).(_____, yi‘“ Q | noise
signal 1 input
input
N o 1 Y
—2 + — »+ >
1 D, ~ output
Loop Filter
e
-Tr

Figure 2-3  Linear model of sigma-delta modulator.

A linear model 6f the sigma—delta modulatbf is shown in Figure 2-3. quiations for

the noise transfer function (NTF) and the signal transfer function can be obtained:

anf Y Dﬁ NQ D'"f B N"’f

Dy 2 DytN, Du N

and:



STF Ny Y _ N N_ =N
X D,+N sig stf

(2-26)

Thus from (2-25), the zeros of the NTF form the poles of the sigma-delta loop filter.
The zeros are easily obtained from the NTF coefficients because they are known to
lie on the unit circle. The loop filter therefore has poles on the unit circle and so is
not stable and the response is unlike standard filter responses. The resonance
capacitors (b in Figure 2-2) can be determined directly by equating coefficients of the
NTF numerator (N,y), and the denominator of (2-24). As in ordinary cascaded
biquaduadratic filter design, there is a choice over section ordering Experiments
have shown that implementing the lowest frequency zeros toward the input lowers

the final capacitance spread.
The feedback capacitor values (f}) can be obtained from the solution of:
A.f=N, 2:27)

where f is the column vector of unknown capacitances, Ny is the column vector of
desired loop filter numerator coefficients and the columns of A contain the
coefficients of the transfer functions from each feedback input to the output which
are now known, as the values of the b coefficients have already been determined.
The transfer function coefficients for A are easily determined from the representation
of the loop filter given in Figure 2-4. Assuming the NTF denominator has the

“highest power of z equal to unity, the loop filter will contain the necessary one
sample delay. Thus the n* order loop filter transfer function has a numerator with
only » non-zéro coefficients as opposed to n+1 for a general n” order polynomial.
These n coefficients are used to determine the n unknown feed-in capacitors (f) by
the set of equatiofis (2:27). Since from equation (2-26), Nys = Nyg, the same
approach can be used to obtain the input capacitance values (s;).
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Figure 2-4  Simplified representation of 5™ order loop filter used for determining

coefficients.

The system must then be simulated in the time domain and capacitors scaled to limit
the maximum internal signal swings. This simulation is performed at the highest
level possible and is often a compiled C program, since many millions of input
samples should be used to ensure that the worst case signal swings are determined
[12]. 1t is possible to reduce capacitance spread by reducing some of the internal
signal swings [13]. Indeed it has been proposed to deliberately do this in order that
analogue circuit noise acts as a dither source [14]. While in the case of ordinary SC
filters this scaling is at the expense of dynamic range, the action of the noise shaping
serves to greatly reduce the effect of thermal noise from the integrators and switches
towards the comparator. Only the noise from the first op-amp and the switches
around it (and to a lesser extent, the second) are critical to the performance of the
complete modulator. Consequently useful reductions in component spread may be

made with little impact on' SNR.

Thls whole procedure (includmg snmulaﬁng for the purposes of scalmg) has been
automated and can convert NTFs and STFs of any order into SC loop filters. The
output files are suitable for direct analysis and simulation by the SCNAP suite
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[15,16], SWITCAP [17] and a discrete time simulator [18]. The sigma-delta
modulator topology and the design method discussed here are also applicable for

band-pass systems.
2.4 EXAMPLE - PSYCHO-ACOUSTIC NOISE SHAPING

When sigma-delta modulators are to be used for audio applications, the performance
aim is to introduce the least amount of audible artefacts rather than specifying a
signal-to-noise ratio over a particular bandwidth. Using the methods above it is
possible to design sigma-delta modulators which shape the noise to have minimum
audible power [19]. This concept has also been reported in [20], and developed
further in [21].

The noise transfer function shapes the quantisation noise to be least audible to the
ear. Figure 2-1 shows the frequency-weighting curve used which is referred to as the
F-curve, and was dérived from ISO data [7]. This curve cah be descri‘bec:l”as’,a sF

domain transfer function in the TFN format as follows:

gain 1k -2.515dB
freq_scale lrad 1k
( ;

, cascade 3 l:root O

2:root -0.58 1.03

‘cascade 3  2:root -3.18 8.75

/1 ; , o

' cascade 3 1l:root -0.18
cagcade 2 1l:root -1.63 -
cascade 4 2:root -2.51 3.85
cascade 20 2:root -6.62 14.29
1

}

The example is a high order, low over-sampling ratio (32) modulator. This was
chosen to investigate the potential performance of very low over-sampling one bit
modulators. The bit rate at the output of this modulator is only a factor of two more
than ordinary 16 bit pulse code modulation (PCM).



The optimisation is performed by a C program which outputs the resulting NTF in

TEN format as follows:

{
fclk 1.536e+06 {

rm_constant

zeros_of
transform {
factorise 6: 1

-3.39587
6.22577
-7.44375
6.22577
-3.39587
1

/ 11
{ 1: 1 -0.939063
/ 1: -0.939063 1 }

]

file tf_denom

}
The result of the least squares minimisation is the six coefficients forming the
numerator. Since this is the solution of the transformed problem, the result must be
corrected by applying the transformation (2-20) and removing the 6 poles resulting
from the this transformation. The transformation is applied using the “transform”
facility, and the poles are removed by using “zeros_of.” The system poles are then
read in from the file “tf_denom” resulting in the final 6™ order transfer function (both
numerator and denominator are 6" order.) The “rm_constant” statement multiplies
by whatever constant is required to ensure that the resulting loop filter has a unit
delay in it so that the modulator can be realised. The response of the optimal NTF is

compared with the classical Chebyshev response in Figure 2-5 and Figure 2-6.
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Figure 2-5.  The classical NTF (solid) compared to the optimised transfer function

(dashed).

The improvement in weighted SNR due to optimum placing of NTF zeros compared
with the inverse Chebyshev design can be measured by evaluating the squared error
equation (2-12). In this case, the optimised placement resulted in a 10 dB
improvement in weighted SNR. Further improvement can be achieved by adding the

pre-emphasis to the STF [19].

A comparison of the classical and optimised NTFs over the audio frequency range is
illustrated in Figure 2-6. Figure 2-6a shows that the weighting function decreases
rapidly at frequencies greater than 15kHz, reflecting the insensitivity of the ear at
these frequencies. Figure 2-6b shows that the equiripple response of the classical
function gives a higher level of shaped quantisation noise than the optimised NTF for
frequencies up to 15kHz. The optimised NTF has a lower NTF response over these
frequencies at the cost of a higher response at the high audio frequencies where the
ear is very sensitive. The weighted curves in Figure 2-6¢ are obtained by multiplying
the curves of Figure 2-6b by the weighting function (Figure 2-6a). This shows that

total weighted power in the audio band is reduced when the optimised NTF is used.
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weighted) for both the optimised NTF (solid line) and the classical
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The weighted responses of two classical NTFs are shown in Figure 2-7. Of the two
classical designs shown, the Butterworth one (all NTF zeros at DC) performs better
under the F-curve weighting than the inverse Chebyshev design. This is because the
noise power in the Butterworth case is most significant at the high audio frequencies

where the ear is very insensitive, and has less power in the low audio frequency range

where the ear is most sensitive.
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Figure 2.7 Comparison of Butterworth (solid) and Inverse Chebyshev NTF

(dashed) responses under a F-curve weighting.

The STFs were given a DC gain of -6 dB so that the modulator becomes unstable for
inputs above 0 dB (0 dB defined to be power in a sinusoid with peak amplitude
€qual to the quantiser output.) The onset of instability can be detected and with

Proper design it is possible to limit multiple reset cycles from the output to give a

cleanly overloading system [2].
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2.5 EXAMPLE - MODEM

The previous example illustrated the design and optimisation of the NTF. It is also
possible to achieve performance gains through careful design of the STF. For the
audio example, pre-emphasis may be used to improve SNR for high signal
frequencies at the expense of reduced overload range for these high frequency signals

[18].

Optimisation of the STF is limited since because the circuitry implementing the STF
is common to that implementing the NTF, only the zeros of the STF may be designed

independently. This optimisation step is often performed manually.

In this example, a fifth order sigma delta modulator was designed for use as the
analogue to digital conversion for a modem. A typical modem system is shown in
Figure 2-8. The requirement for the transmit éection (the DAC), is significantly less
than the requirements for the receive side (the ADC). High dynamic range is
required of the ADC since the received signal is often corrupted by cross-talk from
‘the transmitted signal (near-end cross-talk) and by reflections (::chggs) from the far
end of the channel. The digital signal processing in the modcm kmust adaptivgly
equalise to the linc conditions in order to pxovide the rﬁgn\(imum poésible data transfe;
rate with minimal b1t eITOrS. Signaliiﬁg ;Q}xgs wﬁich can be preéent during thé
telephone’call for metering ;\Jukrposé‘s can interfere with the modem signal if they are
of sufficient amplitude to cause limiting in the analogue to digital conversion. Since
- the tones can be significantly larger than the modem signal they must first be
removed by a filter and then the signal may be amplified to allow higher resolution
analogue to digital conversion. This filter must have extremely low noise and high
linearity since the output is amplified and applied to an ADC with typically 14 bit

performance.
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Figure 2-8 = Modem System

Using a sigma-delta modulator based ADC gives the advantages of not requiring
accurately matched components, and reducing the requirements of the anti-alias filter.
However in this case it does not immediately remove the requirement of the filter in
front of the ADC since it serves to attenuate large out-of-band signals. The filter and
gain stage may be eliminated by merging it with the sigma-delta modulator. This is
achieved by designing the signal transfer function to have gain over the 300-4000Hz
telephone bandwidth and to have high rejection at the frequencies where signalling
tones may be present. The simultaneous optimisation of the STF and NTF can be

performed manually.

The NTF was designed to have low noise over the full telephone bandwidth (0-
4kHz). The NTF poles were chosen to have as low as possible frequencies since these
poles are also the poles of the STF. Low frequency poles imply a low frequency cut-

off and greater out-of-band attenuation for the STF.
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The NTF in TEN format is:

rm_constant
bilinear 4k 4k 480k {
highpass 1lrad 4k inv_cheby 5 -80dB

}

The STF in TEN format is:

gain 0 20dB {
matched_z 480k {
2:f0 12K
2rfor Lbk
el
}
1 / poles_of {
rm_constant
bilinear 4k 4k 480k {
highpass lrad 4k
inv_cheby 5 -80dB

1
}
}
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Figure 2-9

Response of the STF (solid line) and the NTF (dashed line).
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The signal transfer function was formed by using the poles of the NTF and adding
two zero pairs corresponding to frequencies of 12kHz and 16kHz; the frequencies
used in Europe for signalling purposes. The low frequency gain was set to 20dB.
This results in the transfer function response plotted in Figure 2-9. There is little in-
band droop while between 12kHz and 16kHz there is less than 0dB of gain. Thus
small in band signals and large signalling tones may be simultaneously present
without the signalling tones overloading the ADC. This is shown in Figure 2-10.
The input has been formed from a pseudo-random data sequence modulated and
filtered to represent modem data combined with a single tone at 12kHz. For the V32
modem standard the data is modulated and filtered using a root-raised cosine filter
[22]. The random data signal was scaled such that the peak value was 0.05 whereas
the interfering tone had a peak amplitude ten times larger. This amplitude is five
times greater than the maximum DC level before the modulator becomes unstable.
The output of the sigma-delta modulator is shown having been band-limited to two
different bandwidths. The wider bandwidth shows the modulated signal at an
amplitude 20dB greater than the input. Further filtering removes more quantisation
noise yielding a clean digitised repfesentation of the original modem signal. The
spectrum (Figure 2-11) shows that the power in the tone is insignificant compared to
the quantisation noise around 12kHz. Clearly the 12kHz tone has been sufficiently

attenuated to keep the modulator stable.
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Figure 2-10  The sigma-delta input is dominated by an interfering sinusoid which is

rejected by the SDM whilst the base-band signal is amplified

Gain may be applied in a sigma delta modulator simply by reducing the reference

voltage [23], or equivalently in SC implementations by reducing the charge fed back

by reducing the size of the quantisation feedback capacitors. This is equivalent to

applying gain to the input by increasing the input capacitors and re-scaling the

capacitors using standard capacitance scaling rules [24].
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2.6 SUMMARY

The design of the noise and signal transfer functions for sigma-delta modulators has
been discussed and it has been shown that significant improvement can be achieved
by shaping the NTF and STF with non-classical functions. The direct transformation
of these functions into the favoured cascade-of-resonators topology has also been
illustrated. For audio applications significant improvements in weighted noise may
be achieved compared to classical transfer functions for the NTFE. Of the classical
functions the Butterworth response is better than the Inverse-Chebyshev. The
modem example demonstrated how an unusual STF design could be used to provide
an overall simpler system, in this case saving a filter. The methods should also be

applicable to other application areas where a non-flat noise spectrum and/or non-flat

overloading characteristics are appropriate.
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3.1 INTRODUCTION

The previous chapter discussed the use of sigma-delta modulation to implement
analogue to digital converters. Sigma-delta modulation is also used for digital to
analogue conversion using digital sigma-delta modulators. The PCM input words are
interpolated to increase the sample rate and digitally modulated and output through a
one bit DAC followed by an analogue reconstruction filter. The reconstruction filter
serves to reduce images due to imperfect intefpolation and the shaped quantisation
noise. Communications applications often have stringent specifications on the out of
band power, which requires the use of high performance reconstruction filters to
adequately remove the shaped quantisation noise whilst not introducing distortion
producis which may lie out of signal band. This requires a trade off between the

modulator order, the filter order and the sample rate.

The digital modulator is similar to the analogue one in that it takes as input, a finely
resolved input level and converts this to a single bit representatiént The cascade of
integrators and resonators topology as discussed in the previous qhap;er may be used
except that the signal processing is pérféi‘med digitallyl. Since the modulator operates
on ‘oversémpled dafa, the ;:ircuitry used must be fast. Conventional digital pipe-
lining techniques cannot be applied to increase throughput due to the recursive nature
of the loop. The aigi;al implementation of the sigma-delta modulator must perform
all the calculations required to@btam a s\iﬁgfé output sample before processing on the
next sample can start. This dependency of the current output on the immediately
previous one limits the application of pipe-lining techniques to spéeding up the loop
operation. The delay between ém input and its corresponding output‘v is termed the
latency. For high speed operation it is important to minimise the latency in feedback

loops.
Recent work has overcome this latency problem for the case of high speed infinite

impulse response (IIR) filters [1]. This has been achieved by adopting a redundant

number system instead of the two's complement number system normally used for
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digital signal processing applications. This allows the digital part of the modulator to
operate considerably faster by removing carry propagate paths and by allowing

extensive pipe-lining around the modulator feedback loop.

Since high speed digital sigma-delta modulators are most likely to be used for digital
to analogue conversion, the interface between the digital signal and the analogue
signal must be considered. The design of one bit DACs is not trivial [2], particularly
if operating at very high sample rates. A solution to easing the design of the
analogue reconstruction filter with some significant practical advantages has been

developed.

3.2 REDUNDANT NUMBER SYSTEMS

In a redundant number system, the individual digits can take on more values than the
radix of the number system. Only the signed binary number;eprcsentation (SBNR)
will be discussed here. Valid SBNR digits are -1, 0, and +i and each digit has a
significance of two times that of the digit to its left (as in n~or§nal binary). Thus the
numbers 10.11 and 0T.T1 both represent the decimal value -1.25. The symbol T is

used to indicate a weight of -1.

The advantage of the redundant number system is that additions can be performed
without long carr)" i)ropagation” chains. Figure 1 shows a SBNR adder. Each adder
cell consists of three sub-cells A, B and C which perform an addition of digits with
various ranges of values. The final result is in the same SBNR format as the input
and the carry/borrows can only propagate a maximum of two digits. Thus the
addition time is independent of the word length. A detailed discussion for
implementing these cells is given in [1]- The cells are of low complexity and can be

implemented using standard logic gates. Two digital lines must be used for each

SBNR digit. A schematic for a single digit adder is shown in Figure 3-2.



A disadvantage of SBNR based systems is that normally it is required to convert the
result to ordinary two’s complement representation and this requires a carry
propagate path from the least significant digit (LSD) to the most significant digit
(MSD). This is not an issue here since the sigma-delta modulator has a single bit

output.

Two input numbers in SBNR representation

[1..1] 1..1] 1.1 [1.1] [1..1]
[1..1] [1.1]
Recode
eliminate v v
word-length [1.1] (7..1] [7..1] 1.1 = [@.1]
growth
result
Most _ Least
Significant ‘ Significant
Digit Digit

Figure 3-1 SBNR Adder
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Figure 3-2 Schematic showing an implementation of single digit SBNR adder.

Ideally, in a properly désigned sigma-delta modulator, the additions will never
overflow, although Ehis is difficult to guarantee. Funhgrmore, the left most cells may
produce carry/borrows even when overflow has not occurred. The cases of the two
. most signiﬁcanf digits as 11 and 1T must be re-coded as the equivalent values of -

0T and O1 to limit word length growth. Definite overflows 11 and 11 and
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possible overflows 10 and TO must also be caught and the output set to an
appropriate saturation level. This is performed by the “Recode” block in Figure 3-1

\

The SBNR adder of Figure 3-1 may be used directly to construct a high speed sigma-
delta modulator. However there is a further feature of redundant arithmetic which
may be exploited. When conventional two's c"omplement arithmetic is used in a
systolic type structure, it is the least significant bits which are calculated ﬁrst since
the more significant bits depend on the least significant bits through carry
propagation. This is not the case with redundant arithmetic which allo@s the order of
execution to be reversed giving syétolic type structures which operate with the most
significant digit (msd) first. This is in line with the requirements for a sigma-delta
modulator where it is only the top few digits of the filter output which are required.
Data skewed msd first has the property that gains of less than one may be performed
with negative latency. This is illustrated in Figure 3-3. Parallel data enters at the top
and is skewed such that the digits become available in groups of three. However
after the right shift by three digits (a divide by eight operation), the digit representing
the output is available before the digit of equal significance has entered at the top.
Thus the divide by eight operation can be considered to have a latency of -1. Thié

can be exploited to decrease the pipeline delay around loops.
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Figure 3-3 A pipe-lined SNBR representation with a divide-by-eight digit-shift

operation.
3.3 SIGMA-DELTA TOPOLOGY

The sigma-delta modulator topology uséd here is based on a loop filter constructed
from the cascade of integrators and resonators [3]. Figu‘re 3-4 shows a single
resonator. Thc;, values for the coefficients are determined using the methods
discussed in Chapter 2. Since the input to the gains fI and f2 can only take on the
values +1 and -1, no multiplier circuit is required. The values of the resonator
édefficients (b) are directly related to the open loop poles which are at the same
loéations in the i-p,lane as the NTF zeros. This is the only gain element for which é

full SBNR number needs to be multiplied.
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from output of comparator

Figure 3-4  Resonator stage of a high order sigma-delta loop filter.

The single delay around the two integrator loop places striﬁgent demands on the
latency of the integrators. For base-band sigma-delta modulators an additional delay
can be tolerated with the consequence of poles moving off the unit circle giving the
NTF zero at a similar frequency as before, but not infinitely deep. The depth of the

NTF notches has little affect on the output noise level.

It can be shown that the magnitude of the coefficient b in the feedback loop is small
while the feedback coefficients f; tend to be much larger [4]. If the feedback
coefficient is sufficiently truncated, the addition of the two words can be achieved by

concatenating the two words rather than by using an arithmetic circuit.
3.3.1 SBNR Adder

For the example sigma-delta modulator, it was decided that the data would be skewed
by one pipeline delay every third digit, as was illustrated in Figure 3-3. This allows
parallel computation of the top three digits which are required' in parallel by the
comparator. Three numbers need to be added for each integrator. Rather than
céécading two dual input adders of the type in Figure 3_1,,3 two stage design was
~ derived using the carry save concept of conventional two's complement arithmetic. '

This is shown in Figure 3-5. Three SBNR numbers are added and the effect of
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transfer propagation limited to the next three more significant digits. This adder
produces its output after a one clock cycle delay, from the pipeline cuts indicated.

N\ - P - - . - -
(1.1 (1.1 (1.1] () IR (W [1.1] () I (R (1.1)

- [ (1.1] 1.1 %) N FCOR) (1.1] 1.1 (1.1]

aa | e | |dni | | [.1] A} | | A .1 [1‘..11§

S —C—E—@—C)

(1.1 ' [1.4] (1.1} 1.1 {1..1] 1.1 (1.11 (1.4 [1".'.11

® -pipeline delay

Figure 3-5 Adder for three inputs using skewed SBNR.
3.3.2 SBNR Comparator

The sigma-delta modulator requires a comparator. In'conventional two's complement
arithmetic, the output of the comparator is simply the sign bit of the input. However
this is the result of a long carry propagation chain. In SBNR arithmetic there is no
specific sign bit. The sign of the overall number is the sign of the left most non-zero
digit. Logic is requ1red to extract this from a parallel SBNR word. Fortunately the
comparator performance in sigma-delta modulators is not critical, because any errors
~ are reshaped with the full noise shaping function of the loop. In practice only thé top
three or four digits need to be examined as the additional truncation noise is less

significant than the inherent quantisation error.
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In the circuit presented, the comparator has one full pipeline delay during which to
come to its decision and thus the speed of the comparator circuitry is not a limiting

factor.

)
P

3.4 SBNR SIGMA DELTA MODULATOR

A sixth order modulator consisting of a cascade of three resonators was designed
(Figure 3-6). The signal transfer functibn was designed with signal band gain of
-6dB to ensure that a full amplitude input signal (+1..-1) did not cause the modulator
to become unstable. The noise transfer function was designed with Buttérworth
poles so that the signal transfer function could have a low pass Butterworth response

and be implemented with a single feed-in coefficient into the first integrator.

-0.0078125 -0.0078125 -0.0078125
e

ey

Figure 3-6  Sixth order sigma-delta modulator
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coefficients

coefficients

@ - pipeline delay

Figure 3-7  Sixth order modulator implemented using a single pipe-lined

resonator.

The sixth order sigma-delta modulator was designed to use a single resonator stage to
reduce the amount of digital circuitry. Each integrator output in the caécadéd
resonator topology shown in Figure 3-6 is dependent bnly on the previous output of
the preceding integrator. This fact is used to calculate the data in the three resonators
;)y using a single pipe-lined resonator with three pipeline delays corresponding to a
single z'! delay. The input of coefficients to the single resonator are multiplexed and
the state informatioﬁ for the three resonators contained in the pipelines (Figure 3-7).
The multiplexers are arranged such that the function of the third resonator is
performed first, followed by the second and then the first. This is to allow time for
the comparatof to come to a decision and for the feedback coefficients (with sign
applied by the comparator output) to start entering the adder pipelines as early as
possible. A single pipeline delay on each of the_ three inputslof the two adders
represents the pipeline delay internal to the adder.

- Note that whilst it is convenient to consider the resonator in Figure 3-7 as being
multiplexed; this is not truly the case. At the same time as one adder is computing

the most significant digit of the output, other parts of the same adder are computing

L
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other digits of the other resonators and even different digits of the previous values of
the same word. The multiplexer for adjusting the scaling gain (between 1/32, 1/4 and
1/2) and the multiplexer for feeding the output of one resonator back into the input
for the next must both take the skew into account. These multi;;lexers are actually

taking different digits from each of their inputs to form the output.

The number in brackets beside some of the gain blocks indicates negativé effective
latency. These numbers need be taken into account when counting pipeline delays
around loops. Note that there is the correct multiple of three pipelinev delays around
all the resonator loops. However there are only five delays around the loop which
links the outpht of the resonator back to its input. This gnéures_ that the data
representing the output of the first resonator arrives at the right time to be interpreted
as input to the second and similarly for data leaving the output of the second
resonator and entering the third. The output of the final resonator is not feed back to
the input, but instead the system input is sampled and multiplexed into the first

integrator.

The scaling factors were chosen to be the nearest power of two in order to roughl‘y
equalise the signal amplitudes at each of the integrator outputs. The resonator
coefficients were also quantised to powers of two. Because the resonator coefficients
are small (1/128), two extra pipeline delays become available which permits closure
of the resonator loop with only three pipeline delays (corresponding to a single z'*
delay) and so gives NTF zeros which lie exactly on the unit circle. Additional adders
could use the three additional delays available to place the NTF zero frequencies
more accuratelyl It is likely that a low latency SBNR multiplier could be used to give

programmable NTF zero frequencies with arbitrary precision.

Since the two's complement number system is a subset of SBNR there is no hardware
overhead in converting input in two's complement form to the SBNR form required
by the first adder. The word length of all SBNR data was 5 integer digits and 20

" fractional digits and this could be increased without decreasing the throughput rate.
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Figure 3-8 FFT of output of digital simulation of sixth order SBNR sdm.

The sixth order system of Figure 3-7 has been simulated at the gate level using a
commercial digital simulator. Figure 3-9 shows the top level of the gate level
schematics which bares some resemblance to Figure 3-7. The output spectrum
(Figure 3-8) shows the expected sixth order shaping with an undistorted single tone.
The signal to noise ratio from this simulation is 85dB with the input 20dB smaller

than full scale. The modulator was designed for an over-sampling ratio of 50.
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3.5 ALTERNATE REDUNDANT IMPLEMENTATIONS

The implementation described above used standard two-level logic to represent
SBNR quantities utilising two binary- diéits to represent each SBNR digit.
Alternatively each digit may be represented by more voltage or current levels or

maybe exploit a different redundant arithmetic.
3.5.1 SBNR implemented using ternary level logic

Digital IC process technologies are almost exclusively optimised for two level
(binary) logic circuits. However there is some scope for implementing arithmetic
circuits using multiple-valued logic (MVL) implemented directly on silicon using
either multiple voltages or multiple current levels to represent the numeric quantities
[5]. The design of these circuits is far more difficult than for conventional logic, but

the resulting circuits have demonstrated benefits in both size and speed.
3.5.2 Higher radix based systems

The fact that about three or four SNBR digits are required as input to the comparator,
suggests that a higher radix number system may be more suitable. For exanﬂple a
redundant number system of radix 16 could be implemented with conventional two
complement arithmetic using 5 bits to represent values from -16 to +15. The
resulting circuit would then only be 25% larger than a circuit using two's complement
representation. This overhead is similar to that incurred if conventional arithmetic
speed up techniques are used [6] - the advantage of the redunglant number based

approach is that the word length may extended without limit, and without any loss of

speed. °
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3.6 RECONSTRUCTION FILTER DESIGN OPTIONS

i«

Telecommunications systems often have a strict requirement for out of band noise
suppression. This is to ensure that spurious‘)erfiissions from a transmitted signal do
not interfere with a weak signal in a channel using an adjacent frequency band. The
out of band performance depends on how effectively the shaped quantisation noise is
removed and also upon the linearity of the reconstruction filter. Distortion products

may lie out-with the signal band and contribute to poor out of band performance.

A high order sigma-delta modulator gives the advantage of allowing the analogue
reconstruction filter to operate a lower rate, but the filter must then also be of high
order to remove the highly shaped noise. Altematively a simpler, lower order
modulator may be used together with a simpler réconstruction filter, both of which
must -operate at a higher sampling rate.  Over-sampling ratios for signal
reconstruction purposes are most commonly in the range of 384 down to about 48,
while the modulator order typiéally varies over the range of two to about six. For the
highest signal bandwidths, high order modulators must be used so as to keep the

reconstruction filter speed practical.

The requirements on the performance of the analogue reconstruction filter in an over-
sampled DAC are more stringent than the requirements on the analogue loop filter in
over-sampled ADCs. This is because, in the DAC reqonstruction filter, each
operational amplifier (or equivalent active processing block) contributes to the output
distortion and once in-band distortion has been introduced it cannot be removed.
This can be contrasted with the ADC case where the gain distributed throughout the
loop filter reduces the distortion contribution of the all the components with the
exception of the first stage. Therefore high order loops (5-7th order) ‘may be
constructed withoui the additional opampé contributing to increased distortion and

circuit noise. -

The best compromise between modulator order and oversampling ratio is very

difficult to ascertain. The power requirements for both high and low oversampling

61



-

rates are approximately equivalent; since the high speed option requires fewer active
. o
components, but these components must operate a higher rate and will consume more

power.

An alternative to the typical reconstruction filter is discussed here and which offers

good performance with low component ratio spread.

The typical SDM DAC system uses an I[IR ﬁiter operating on sampled data followed
by avlow order continuous time filter. The one bit DAC is typically built into the
front end of the filter which can be designed using one of the many existing design
methods. The alternative solution described here is to use a FIR filter, giving a
FIRDAC [7,8,9]. This can be implemented using IC process technologies which are
not normally particularly suitable for analogue filter design. This is because the input
signal is a one bit digital signal and the delay element needs only to transfer the
single bit of data. Thus the delay line part of the FIR filter is digital, but the
coefficients and the summer are implemented using analogue methods. Many one bit
DAC:s are required for each of the delay line taps, but the one bit DAC is usually very

small. Figure 3-10 illustrates the divide between the digiteil and analogue sections.

Digital
Digital Test
Input o 7' z 2z 2z 2 7 o 7' Ouput>

Digital DAC DAC DAC DAC DAC DAC DAC DAC| Digital

Analogue . Analogue
a. Ya; Y& Yai Yai Yai g Yai

Analogue Ouput

Figure 3-10 Partitioning of analogue and digital circuitry in the FIR DAC filter.

The obtainable responses of the filter transfer function are very dependent on the
impulse length. Since in this case, the filter acts on over-sampled data, the filter
length in terms of number of taps must be quite long. Additionally, component

matching issues limit the range of coefficients and the accuracy with which they may
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be reliably integrated. This restricts the maximum attainable stop-band rejection.
Various design techniques may be used to try to limit the filter length afid the spread
on the coefficients. The most important frequency region‘ is that closest to the signal
band. The design techniques optimise attenuation over this region at the cost of
poorer attenuation at higher frequencies. A simple first or second order IIR filter may

be then used to remove this high frequency energy.
3.7 FIR TRANSFER FUNCTION DESIGN

The FIR transfer function can be optimised to reduce its length, the number of non-
zero taps and the coefficient spread, by making some compromises. The FIR filter is
to be principally used to provide attenuation at frequencies just beyond the signal

band. '
The transfer function:

HD=1+7" | | G28)
provides zeros at the frequencies

(1+2Kk)
f =314

, k=0,1,2..d~1 (3-29)

where T is the sampling period (in seconds) and f is the notch frequency in Hertz.
Simple filter responses may be generated by combining several factors of the type
above. The example response illustrated in Figure 3-11 was developed to meet the
stringent out of band noise requirements fqr a digital mobile radio standard [10,11].
The filter response 1s compared against a 4th order Bessel filter since phase linearity
is of crucial importance because there is no adaptive equalisation in the base-station
_ receiver. This system has a requirement for less than -70dB of the base-band power
tb be present i‘n the first adjacent band, yet the channels which are 24.3kHz wide are |

separated by only 1.4kHz. Response notches were placed at 50kHz, 75kHz, 100kHz,
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150kHz and 200kHz (and also the resulting odd multiples) to meet the requirement.
The sigma-delta modulator used was only second order, but incorpoféted a noise
transfer function zero at 25kHz to provide sufficient first adjacent channel noise
performance. Incorporating a zero in a second order modulator has the effect of
reducing the low frequency gain of the loop filter with the consequence that the
quantiéation noise is attenuated less, resulting in increased in-band noise and
distortion. The result was that the in-band SNR was only 66dB - however this is
more than sufficient to meet the system requirements for the data signal which are in
this case specified as peak and average (root-mean-square) vector errors. The
specification allows more noise to be transmitted in the signal band than the adjacent

bands and this has been exploited to reduce component cost and power consumption.

The transfer function can be described in TFN format as a product of factors as

follows:
gain 0 0dB fclk 3.6M expand {

36: 1 000000000O0O0COOCOOODO
0 00000000O0DODODODO0OO0ODO0ODO01

24: 1 00000000O0CO0CO
0000O0O0CO0O0O0GOOOT1

18: 1 00000000000O0O0O0O0OO0O01

12: 1 0000 0O0O0O0O0O0CO0T1

9: 10000000O0C1

/1
// poles have flat contribution
// but ensure that group delay is correct
36: 1 0000000O0O0COCOCOOOCOOOQO

000000O00O0ODOOCOOODOODODOD
24: 1 000000O0O0O0CO0CO : ‘
00000000O0O0O0DOO

18: 1 00000000000 000DO0O0OCO
12: 1 000 00O00O0O0O0OO0O
9: 1000000O0COCO0
}

}
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Figure 3-11  Response of FIR filter compared with a 4" order Bessel response.

1 =0 L
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Figure 3-12  The impulse response of the FIR filter. Only 28 of the 100 taps are

non-zero.

Figure 3-13 shows the adjacent root-raised-cosine (RRC) channel receiver responses
and the simulated transmitted spectrum of random data after being encoded,
modulated, RRC filtered, sigma-delta modulated and filtered by the FIR filter, a
second order switched capacitor IIR filter and a second order continuous time
smoothing filter. Measurements from this simulation result predict that the
immediately adjacent channel power transmitted to be -79dB relative to the total

transmitted power. The power in channels beyond this are less than -90dB.
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Figure 3-13  Spectrum of modulated random data after the analogue FIR and IIR

filters.

3.7.1 Filter Implementation

The FIRDAC filter discussed above was implemented using switched capacitor
techniques. The FIR filter was 100 delay elements long, but only 28 of these were
used (the other coefficients are zero). The FIR delay elements were implemented
using minimum sized transistors forming a dynamic shift register. Each of the 28
taps required a small non-overlapping clock generator to drive the one bit DAC
switches. The process used was a double poly-silicon, 1.2 micron CMOS process

and the area devoted to the shift register and non-overlapping clock generators would
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shrink markedly on smaller geometry processes. As process geometry shrinks this

He

will become an important advantage of this technique.

Production test of the filter is relatively simple - the integrity of the shift register can
be confirmed entirely digitally by checking the output of the final delay element for
the delayed input sequence. The integrity of the taps can be checked by usin;g a
square wave digital source with frequencies corresponding to the notch fréquencies
and chécking that there is sufficient attenuation. Should any single tap be non-
functioning, a component of the input signal will leak through. Finally a low
frequency signal can be used to check that filter passes the in-band signals. The test
time required for this procedure is negligible compared to the tirhe required to test

conventional analogue filters.

The FIRDAC filter has some similarities wigh some recent work on multi-level DACs
[12,13,14,15]. These new methods, referred to as dynamic element matching (DEM),
implement an n level DAC using » individual elements. Each of the elements are
selected or not depending on various algorithms. The result is that the error due to
mismatch are less correlated with the input signal and the effect of component value
errors is frequency shaped such that most of the error power is outside of the signal
band. The FIRDAC filter described above can be considered to be a multilevel DAC
since it uses 32 individual unit elements and the output can take on one of 32
different levels. In this case the unit selection algorithm is more complex and has
many more states. The difference with the FIRDAC approach is that errors in the
magnitude of individual units contribute to leakage of the quantisation present on the
input signal - there is no additional noise or distortion source. With the DEM
methods component mismatches leads to a new source which can contain in-band
energy (even if reduced by error frequency shaping.) Another difference is that
despite producing multiple output levels, the FIRDAC has a single bit input which is
éonvenient if the digital modulator is separated from the analogue DAC and filters.

Both methods result in lower out of band noise than single bit DACs. The FIRDAC

" has lower noise because of the filtering and the DEM schemes have lower noise =

because the multi-level quantiser has finer resolution.
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Alternative technologies for implementing FIRDAC filters include the switched
current and current mirror based methods. These have the advantage of being
compatible withkpurely digital CMOS processes. FIRDAC filters implemented in

this way will scale very well with smaller process geometry. éince the response
comes from a single stage, there is a reduced number of active components in the
signal path with the consequential benefits of lower noise and distortion and lower

power.
3.7.2 Alternate Design Method

The above design method is somewhat pragmatic, in that it réquires the designer to
place every zero manually. It would be difficult to design particularly high
performance transfer functions using this method. An alternative is to use sigma-
delta modulation to arrive at a quantised vérsion of a prototype filter [16]. Figure 3-
14a shows the response of a prototype filter, which in this case is a length 128 FIR
low-pass with an equiripple Chebyshev response, designed using thg Remes
exchange method [17]. Figure 3-14b shows the response vwhen the coefficients have
been quantised using sigma-delta modulation. Since coefficient accuracy does not
contribute to distortion, it is not necessary to limit the quantisation to two levels. In
this case three non-zero levels have been used. It is possible to combine this method
with the manual method. Figure 3-14c includes an extra manually added length 4
comb filter to reduce high frequency quantisation noise. The resulting filter
coefficients are the convolution of the FIR coefficients and the comb filter
coefficients. This improvement comes at the cost of requiring many more unit
elements (the ideal coefficients have effectively been more accurately quantised).'
This is clear from the comparison of corresponding impulse responses shown in
Figure 3-15. Howe_:ver good rejection at high frequencies has éigniﬁcant practical

advantage and this is discussed in the next section.

68



0 ' h ' o
R .
3 20t :
&

7 30 .
s
-40 F 4
] O . /\AA(\{\/\[\(\{\/\MMM'MMM
a)

0 ' I I -
@ -10 |
? 20
5
& 30}

&
-40 +
Do OO /W1l
b)

0 ! ' ' -
g o -
b 20 + ]
6
2 .30}

e JYWWW
pay, S50 I AT |
0.001 0.01 0.1
c) Frequency (Hz)

Figure 3-14  Design of FIRDAC coefficients using sigma-delta modulation.
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3.8 REJECTION OF MODULATED TONES

Spurious tones plague practical implementations of sigma-delta modulators [18].
The tones arise through a number of different ways. For DACs it should be assumed
that the digital signal processing has produced a signal which is tone free and that any
systematic tone sources have been removed through dithering. However tones still
arise in practical implementations, by coupling from the reference and from inter-
modulation distortion in the reconstruction filter. The problem is severe because it is
high frequency digital noise around fs/2 which is modulated down to the base-band
by the digital input of the DAC. The digital input can contain strong tones near half

the sample rate which are closely related to the base-band signal [19]. An ordinary
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Nyquist rate DAC does not exhibit this noise mixing menace, since the digital input
is normally band-limited such that high-frequency signals which are modulated
remain out-of-band. Another source of tones in the base-band is the difference
- frequency component resulting from inter-modulatioﬁ distortion m the first stage of
analogue ‘filtering between two high frequency tones. Methods for dithering sigma-
delta modulators to eliminate tones at high frequencies have been studied in [19].
However, even if discrete tones are removed, there is still the potential fbr the in-
band SNR to be degraded by modulation of any high frequency content on the

reference and the high amplitude / high frequency sigma-delta quantisaﬁon noise.

For a DC input Vpc, the dominant tone is at (1-Vpc/Veer)fy/2 ‘[19]. For a small
sinusoidal input the result is frequency modulated side-bands at high frequencies.
This can be seen in Figure 3-16 which shows the spectrum arising from a second
order sigma-delta modulator, with a -40dB sinusoid with a small dc offset. Figure 3-
17a shows that the base-band performance is considerably poorer when a clock signal
of fs/2 is coupled on to the reference at a low level (-60dB). When a FIRDAC is

used, the base-band performance is not affected (Figure 3-17b).

The tone problem is lessened if the FIRDAC response has good attenuation at high
frequencies. This is because the input digital signal is effectively filtered before
being multiplied by the reference. High frequency digital noise will still be
modulated, but the modulation products will be attenuated. The FIRDAC system is
shown in Figure 3-18. This can be redrawn as the equivalent system in Figure 3-19,

which clearly shows the input signal being filtered before being multiplied by the

reference.
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Figure 3-19  Equivalent system of FIRDAC.

Multi-level SDM DAC:s suffer less from tone modulation than one bit systems since
there is less high frequency energy. The FIRDAC system shares this advantage. The
decreased high frequency content reduces both the direct modulation of high
frequency signals on the reference and also inter-modulation products due to non-

linearity in the first stage of the subsequent analogue filter.
3.9 SUMMARY

This chapter has studied the problems‘ arising in the design of high speed digital

- sigma-delta modulators and their associated analogue reconstruction filters. Features =

of SBNR arithmetic have allowed the design of a sixth order modulator (Figure 3-7)

which produces a new sample every third clock cycle, with the clock rate limited by a
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single propagation delay through the adder of Figure 3-5. Many other design
decisions can be made, ranging from fully parallel designs where the order and word
length could both be increased without affecting throughput, to more heavily pipe-
lined systems using a single adder. The problem of using the hiéh speed single bit
output of the SBNR sigma-delta modulafor has been addressed by making use of a -
semi-digital FIR approach which uses multiple DAC elements in a topology which
does not require precise matching. This example also raised the issue that the design
of noise shaping in SDM must take account of out of band specs together with the
reconstruction filter. . It was also shown that the FIRDAC has impértant practical
advantages in its‘insensitivity to high frequency signals on the reference which make

it an attractive choice even if particularly low out-of-band noise is not a design issue.
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4.1 INTRODUCTION

Signal amplitude compression is a well established technique to increase the
perceived performance of voice communication systems with noisy transmission
channels [1,2]. The technique is essentially an automatic gain control system
whereby the amplitude of small signals is increased before transmission and this gain
compensated for in the receiver. The resultihg system gives a higher signal to noise
ratio over a wider dynamic range when the channel has additive noise. The rapid
development of cordless and cellular mobile phones stimulated design research into
deriving cheap and robust implementations on modern CMOS IC processes operating
at low voltage (3.0 volts) and with low power. Companders can be implemented on
standard CMOS processes [3] although efficient and robust implementation of
compander systems has been problematic due to the lack of a reliable analogue
multiplying element. This chapter describes how the single bit output obtained from
sigma-delta modulation can enable the design of robust companders on CMOS

processes.

The companding process exploits the psycho-acoustic characteristic that the ear is
more sensitive to additive noise when the signal level is low. For louder signals
noise is masked by the signal and is less intrusive. Therefore quiet signals should be
boosted before transmitting across a noisy channel. This operation is termed

compression since the signal is processed to reduce its dynamic range.

To ensure accurate reproduction at the receiving end, the effect of the boosting must
be compensated by using an expander, which recovers the dynamic range by
attenuating quieter signals. The use of a compressor and expander together is termed
a compander. Figdre 4-1 illustrates how the signal level is adjusted throughout the

process. This is an-analogue system with an analogue input and output.
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Figure 4-1 ~ Compander System.

Thé recovered signal level becomes more sensitive to the gain through the system,
since a 1dB error through the channel results in a 2dB error at the output. This is not
a problem if the channel characteristics are constant (e.g. a fixed line) or if frequency
modulation is used to modulate the signal through the channel. In the latter case,
signal fading results in SNR degradation but not in a loss of recovered signal
amplitude. The combination of FM modulation and companding was chosen for use

in all the major analogue cellular telephone standards throughout the world.

The ratio in the dynamic range (in dB) of the input signal to the compressed signal is
most often chosen to be 2:1 since this can be implemented using solely multiplicative

elements without requiring logarithmic and antilogarithmic (or other non-linear

function) elements.

The requirements for the performance of companders are set down by various
international telecommunications standards. - The specifications include the

maximum gain error over a specified input range, step response characteristics and

the signal to noise ratio.
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4.2 CONVENTIONAL IMPLEMENTATION

The conventional topologies for implemepting expanders and compressors are
discussed in [4,5]. A full wave rectifier f:)llowed by a low pass filter is used to
extract the signal level from the signal. In the expander this low bandwidth signal is |
used to multiply the input signal (two quadrant multiplication) to increase the
dynamic range. The compressor is formed by incorporating an expander inside a

feedback loop.
4.2.1 Design Issues

Several problems are encountered when integrating companding systems on to

silicon.

One fundamental problem is the requirement to multiply analogue quantities. This is
most easily accomplished by using a silicon process which providés bipolar
transistors which allow use of the Gilbert cell translinear multiplier [6,7]. This is not
an option when using CMOS processes which are required for digital circuitry and
for other audio band signal processing functions using switched capacitor techniques.
The use of BiCMOS processes allow both the compander and SC circuits to be
implemented on a single chip [8], but the extra process steps add cost and aré not
always available. CMOS multipliers have been reported but these are much less

robust than the bipolar implementation.

The implementation of the envelope detection operation gives rise to two additional
design problems. The full wave rectifier must have a little input offset, siﬁce offset
cannot be subsequently removed by ac coupling and any offset will dominate for
small signal levels resulting in low level mis-tracking. To meet the system
requirements thé expander must be able to measure the amplitude of a -30dB
(relative to full scale) signal with a maximum error of 1dB. For a system with a one |

volt peak signal swing (typical for 3 volt system), this implies that the amplitude
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must be measured to within 10x107** x (10" —1) which is less than 4mV.

Achieving this level of offset is very difficult.

The second problem with the design of the énvelope detector in the implementation
of the long time constant required for the smoothing filter. This is typically 20ms,
corresponding to a -3dB frequency of 9Hz. Implementing this using switched-
capacitor methods, whilst keeping the clock rate above the audio band requires a very
large capacitor ratio. Offsets arising in this filter give the same problems as for

offsets in the rectifier. Typically this filter requires the use of external components.

The above problems are exasperated when low voltage operation is required.
Running the analogue circuitry at the same 3V level as modern digital circuits is very

desirable.

An alternative solution is to digitise the input signal and digitally process the signal
before reconverting it back into an analogue form. This solution would avoid all the
problems which occur in analogue implementation, but at thé expense bf a high
resolution ADC and DACs and significant digital circuitry. Providing 40dB SNR
over a 30dB range would requireiADC and DAC capable of 70dB dynamic range.
This is at the limit of component matching accuracy of today’s IC processes. For
high yield, the ADC ‘and DAC functions would be best implemented using sigma-
delta modulators. The digital solution requires digital multipliers and additional
decimation and interpolation filters which have significant cost. An advantagé of the
digital solution is that the DSP required could also be made to provide all the other
base-band signal processing tasks required for the system such as filtering, signalling
tone generation and detection. Whilst in the future this method is likely to become an

economic solution, with today’s technologies, analogue solutions are to be preferred.
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4.3 SIGMA-DELTA BASED COMPANDER

A radically different topology for implementing the compander function was
introduced‘ in [9,10]. This utilises sigma-delge modulation to modulate one analogue
signal into an equivalent oversampled single bit signal which may then be used to
gate the other analogue signal and thereby performing an approximation to the

multiplication operation.

Lowpass
: » SDM ) >
Input Filter Output
.| Envelope
Detector

Figure 42  Expander using sigma-delta modulator.

The sigma-delta based expander is shown in Figure 4-2. The expander exploits the
sigma—delta modulator as a multiplying DAC. The input signal is digitised by the
~ sigma-delta modulator and is immediately reconverted back to analogue form using a
two level DAC with reference.proportionate to the signal level as measured by a full
wave rectifier and filter combination. Small signals are thus made smaller by the use
of a smaller reference, giving the desired expansion characteristic. The sigma-delta

modulator operates on the speech signal over its compressed dynamic range.

——n Lowpass
Input SDM » ——ol N
, | Ref Filter Gain Output

Envelope
Detector

- Figure 4-3  Compressor using sigma-delta modulator.
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The compressor exploits the sigma delta modulator as a dividing ADC (Figure 4-3). |
For any ADC, a division operation can be performed by varying the re;erence. The
compressor output signal level is detected using the envelope detector and this used
_ to set the reference level to the sigma-delta modulator. The sigma-delta modulator
output is converted back to analogue by a two level DAC with fixed references to
form the output signal. The quantisation | noise must be removed by .Vthe
reconstruction filter before the output level is measured by the envelopev detector.
The sigma-delta modulator operates on the input signal which has the full
uncompressed dynamic range, although for small inputs the reference is reduced by
the system giving an effective sigma-delta operating range equivalent to ’the

compressed dynamic range.
4.3.1 Disadvantéges

Whilst elegantly solving the multiplication problem, there are still difficulties
encountered when implementing this system. The problem of implementing the
rectifier and time constant circuit with little offset remains but has been lessened ih
the reported implementation by using offset compensating SC techniques [9]. These
techniques do not eliminate offset completely, and it is difficult td predict what the
offset performance will be before fabrication. The long time constant which requires
a large capacitance ratio has been implemented in acceptable silicon area by using a
T-network [11] which has a parasitic sensitive node. A parasitic insensitive solution

such as that given in [12] would further compound the offset problem.

The conversion of the analogue input signal to a digital form and back to analogue
exposes the speech signal to all the quantisation noise inherent in the conversion
process, together with other undesirable effects such as tones which plague the design

of simple low order and low oversampling ratio converters. -

A major disadvantage with the compressor is that the sigma-delta modulator operates - |
on the uncompressed input signal and therefore requires a noise performance

" commensurate with the uncompressed dynamic range.’ It is true, however, that the for
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smallest input signals, the reference to modulator is reduced by the system, such that
. i

the modulator only converts over the compressed dynamic range. This reduces the

modulator order and the oversampling ratio required, but not the circuit noise

performance required at the input of the modulator which must still be commensurate

with the uncbmpressed dynamic range.

The entire compressor loop must have low offset unless AC coupling is possible.

The gain required in this loop makes this requirement difficult to meet.
4.4 IMPROVED COMPANDER SYSTEM

An alternate topology for sigma-delta based companding has been developed [13].
This reduces the requirements on the sigma-delta modulator allowing the use of first
order modulation to perform the signal multiplication. Additionally all the problems
involved with analogue rectifier and smoothing filter may be completely eliminated

by implementing this part of the circuit digitally. The complete compander system

may be integrated on a pure CMOS process with no external components.

Ve lowpass |
Input filter Output
Envelope
"| Detector * SDM
Figure 4-4  The improved expander.

lowpass ____’l> X
Input filter “n Cuput
constant o

SDM  Infef

Reffe—_|Envelope
- Detector |

" Figure 4-5  The improved compressor.



The significant difference with the new systems depicted in Figure 4-4 and Figure 4-5
is that it is the low Bandwidth envelope signal which is sigma-delta moglulated. The
speech path remains completely analogue. The quantisation noise of the sigma-delta
- modulator which appears at the output is scaled by the amplitude of signal. When the
signal disappears in the idle channel condition, the output of the sigma-delta
modulator is not seen at the signal output. Siﬁce the multiplication of the SpE;CCh
signal and the sigma-delta modulator output can only attenuate the speech signal and
the cofnpressor is required to amplify low level signals, the compressor requires gain

to pléced after the low-pass filter. In practise this gain is incorporated in the filter.

On sub-micron CMOS processes it is efficient to digitise the input of the envelope
detector aﬁd to perform the envelope detection digitally giving an easily predicted
and repeatable level of performance. This digitisation can be conveniently
implemented using an analogue sigma-delta modulator Wwith a digital low-pass and
decimation filter (Figure 4-6 and Figure 4-7). The signal being digitised has only the
compresséd dynamic range, and since it is only the signal level which is ultimately
required, this part of the system is tolerant of spurious tones and distortion. The
digitised signal may be high-pass filtered to remove any DC offset before the signal
is digitally rectified. The time constant in the envelope filter can also be
implemented digitally giving a very predictable performance. The complete system
may be completely integrated with no external components such as AC coupling
capacitors or time-constant capacitors required, saving not only the cost of the
external component, but also the cdst associated with the pad area and pin
connections. This solution is very robust since it does not rely on a high level of
component matchmg Another significant advantage is that the test time can be
considerably rcduced as compared to analogue solutions. In particular, the circuits
implementing the high pass and the low pass filters may be tested as digital circuits

rather than as filters which takes considerable test time due to the long time constants

involved. 3
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Figure 4-6 Mixed signal implementation of the improved expander.
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Figure 47  Mixed signal implementation of the improved compressor.

It may be noted that the compressed analogue signal is digitised in the compressor
(Figure 4-7) and this system may be used as an ADC with a compressing action,

rather than an analogue-in / analogue-out COmMpressor.

4.4.1 Unipolaf and Bipolar Sigma-Delta Modulation

At this point, an important distinction will be diséussed between what will be
" referred to as bipolar and unipolér sigmg—dclta modulation. The sigma-delta -
modﬁlation most commonly ‘referred to in the literature assumes a bipolar input and
- output sigr’lallA with normalised output leyels of +1 and -1. An altema;e form of

*
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modulation accepts only positive inputs (unipolar) which are encoded“ such that the
output represents normalised levels of +1 and 0. It is clear from Figure 4-8 that
bipolar and unipolar sigma-delta modulation are identical, other than a trivial linear
scaling and offset operatidn on the input and ontput signais. Hence the distinction is

rarely made.

Bipolar Sigma-Delta Modulator

»+ H(z) >
Input (-ref .. +ref) — @ ‘-F /L +1 or-1

I Ref
Unipolar Sigma-Delta Modulator |
Input (0 .. +ref) i+ e ™ ‘]E- 0or-1
2 IRef

Figure 4-8 Difference between bipolar and sigma-delta modulator.

The input signal range for stable operation of high order sigma-delté modulators is
centred between the two reference levels and does not normally include either
reference level. Thus bipolar signals and bipolar references are usually considered SO
that the signal range is in the centre of the stable range. For first and second
modulators, inputs covering the full range between the references may be
implemented without instability problems. Thus first or second order modulation
may be used to encode the unipolar signals over the range of zero to the reference
level, and so are ideally suited for encoding the unipolar signal level quantity in the
companding system. The performance of both first and second order modulators is

severely degraded when operated very close to reference levels [14].

A key distinction between unipolar and bipolar modulation occurs when the sigma-
delta modulated signal is used in a multiplier. In the bipolar case, the multiplier
multiplies by either +1 or -1 and the output always represents the input with unity

(magnitude) gain. In the unipolar case, the multiplier multiplies by either +1 or 0,
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and the output is i_solated from the input when multiplyiﬁg by 0. "I;his results in
information loss and aliasing type phenomena may occur. However it is simpler to
ensure that the gain of zero is accurate, rather than in the bipolar case where
multiplication by zero relies on the cancellation of the positive and negative
references. Although SC circuits may be designed whereby the same capacitor is
used to multiply for both +1 and -1, so retaining good matching between the positive
gain level and the negative gain level, it is difficult to predict how non-ideal and

parasitic effects will degrade the performance.

Compander systéms require good accuracy for multiplicands near zero to ensure good
low level gain tracking and consequently the unipolar form of sigma-delta modulator

is to be preferred. However consideration needs to be given to the aliasing effects.
4.4.2 Performance of first order sigma-delta modulation

First order sigma-delta modulation is simple enough for limited mathematical
analysis. In the compander application it is the responsé to dc inpufs and relatively
slowly varying inputs which is of interest. The noise arising from first order sigma-
delta modulation for different dc inputs is plotted in Figure 4-9 which shows that the
in-band noise level is seen to be very dependent of the input dc level. Noise peaks
6ccur close to where ever the ratio of the input level to the reference level forms a

rational number with a small numerator and denominator [14].
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Figure 4-9 Noise from 1* order sigma-delta modulator.

The in band noise level is the highest when the fundamental component of the idling
pattern lies in the signal band. The peaks near inputs of 0 and +1 are due to the long
pattern of continued 0's with the occasional 1 for the case of dc levels near 0, and the
long pattern of continued 1's with the occasional O for the case of dc inputs near +1.
In the audio compander, the only stationary dc level expected is the idle channel
condition, and this operating condition should be kept out with the extreme peaks in
Figure 4-9. For the expander this can be achieved by using a sufficient oversampling
ratio and deliberately providing a minimum digital sigma-delta modulator input. The
idle channel tone problem does not arise for the compressor since in the absence of
an input signal, the compander feedback loop will turn the gain to the maximum by

closing the switch all the time.

When the graph of Figure 4-9 is plotted using a logarithmic axis (Figure 4-10), it can
be seen that the peak noise power is proportionate to the input level (assuming that
the large peak at very low amplitudes is not considered). This is an important
observation since it implies that the minimum signal to noise ratio (SNR) is relatively
constant over a wide range of input levels and this is a desirable characteristic for the

compander application.
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Figure 4-10  Noise from 1* order sigma-delta modulator (logarithmic axis).

4.5 SIMULATION RESULTS

The SDM compander was simulated using custom written C code models and a
switched-capacitor simulator program. The C code was used to determine the SNR
and output level for different input levels, while the SC program was used to verify

the correctness of the implementation. These methods are discussed in Chapter 5.

The response to step changes in input level was verified using the SC simulation.
The input signal, the output of the digital low-pass filter (the envelope signal) and
expander output are shown in Figure 4-11, with closer detail in Figure 4-12. The
ripple on the low-pass filter is clearly visible, this ripple modulates the speech signal
giving rise to distortion products (this distortion is systematic and all companders

exhibit it.).

The response of the compressor to step changes in input level is depicted in Figure 4-

13,
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Figure 4-13  Simulated compressor step response.

The SNR and gain tracking error were simulated using a C program and shown in
Figure 4-14 and Figure 4-15. These results are from a simulation representing three
minutes of real time - over 2x10® clock cycles. Figure 4-16 and Figure 4-17 are
similar except that they are for the compressor path. The dotted lines in these figures

show the required performance.
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Figure 4-15  Simulated tracking error of expander.
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Figure 4-17  Simulated tracking error of the compressor.

The C code included modelling of the truncation effects in the digital filters. The
saw-tooth patterns in the tracking errors are due to truncation effects in the digital
implementation of the filters. If ideal digital filters are used the plots shown in

Figure 4-18 and Figure 4-19 are obtained. The effects on SNR of the 1*' order sigma-
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delta modulator noise characteristics as shown in Figure 4-10 are clearly apparent.
However the SNR is greater than 50dB for all input levels and this is more than
sufficient to meet the system requirements. The tracking error shown in Figure 4-19
shows near perfect tracking over the operational input range, with only a slight
deviation at low input levels which is due to the quantisation noise of the second

order sigma-delta modulator used to digitise the compressor output.

Both the expander and compressor were designed for an uncompressed signal range
of 60dB. At high signal input levels, the expander cannot apply more gain as the
modulating switch is always switched on. At low signal levels the gain is held
constant at -30dB to prevent tone effects. Likewise the compressor at low input
amplitudes cannot apply more gain while at high amplitudes limiting occurs in both
the analogue circuitry and the digital filters preventing further compressing action.

Thus the range of expansion and compression is well defined.
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Figure 4-18  SNR of compressor with ideal digital filters.
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Figure 4-19  Tracking error of compressor with ideal digital filters.

4.6 PRACTICAL IMPLEMENTATIONS

The new sigma-delta based compander has been implemented as a breadboard

prototype and has been integrated on silicon.

The breadboard prototype used an existing integrated second order analogue sigma-
delta modulator, a discrete one bit multiplier, a continuous time reconstruction filter
and a digital Field Programmable Gate Array (FPGA) to implement the logic. This
functioned without any problems and met all the specifications required for analogue

mobile telephony.

Two completely integrated versions of the compander have been implemented.
These were on different 0.8pm pure CMOS processes with double level poly-silicon.
These small geometry processes are ideally suited for efficient implementation of the
digital logic required. Double level poly-silicon is required to implement good

quality capacitors for the SC circuits.
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The integrated compander requires no external components and therefore saves the
AC coupling capaci-tor and the capacitor used to determine the attack and decay time-
constants and bonding pads / package pins associated with conventional BiICMOS

solutions [8].
4.6.1 ADC

The structure of both the compressor and the expander is such that the ADC used to
determine the signal level operates on the compressed signal. This considerably
reduces the pei‘fonnaﬁce requirement of the ADC. Since the input is being digitised
solely to provide a digital estimate of the ’_input signal lex}el, the distortion and
spurious tone performance is unimportant. Offsets on the input are removed by a
digital high-pass filter and any offset from“the ADC will be similarly eliminated. The
main requirement for the ADC is that it must provide enough resolution to determine
the signal level to within 1dB for the smallest input signal, typically -30dB relative to
the largest signal. This implies a resolution and noise performance of 10 bits. The
simplest method to achieve this is with an analogue sigma-delta modulator, followed
by a decimation filter. A successive approximation AvD‘C could also be used, but this

is less robust since it relies on element matching and gives no aliasing rejection. -

An ideal first order sigma-delta modulator was simulated in the system and found to
be adequate. However first order modulators suffer from noise leakage if the
integrator gain is finite. A second order modulator is less sensitive to noise leakage
since two opamps are used to provide the loop gain. A second order modulator was
- designed using a multiplexed opamp. The use of a multiplexed opamp does not '
require an increase in switching frequency and so the area and power consumption
are halved. To reap the full benefits of second order modulation, the comb
decimation filter requires to be of third order [15]. However for the oversampling
ratio used in the ccsmpander design, a second order comb filter is sufficient. Thus the
cost in terms of area and power cor;sumption of the second order modulator over the

first order modulator is insignificant.
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The new topology shown in Figure 4-21is derived from the classic twonamp second
order SC implemen.tation (Figure 4-20). The switch phasing of the first integrators is
changed without altering the response of the circuit. However, in each phase, only
one of the two amplifiérs is active. This allbWs a single ampliﬁer to be multiplexed
in a similar manner aé used in differential Sé biquads [16]. The resulting circuit has

-

the advantages of reduced silicon area and power dissipation.
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Figure 4-20 Classic second order SC sigma-delta modulator.
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Figure 4-‘217 Modified second order SC sigma-delta modulator using single opamp.
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The schematic for the second order sigma-delta modulator with multipl?exed opamp is
included in Chapter 5. The circuit is fully differential to reject noise from the digital
circuits on the same substrate. The opamp is a single stage folded cascode design
using switched capacitor common-mode feedback [17]. A single vbltage reference is
used. The sigma-delfa feedback circuitry could use fewer feedback capacitors.’ but
this approach allows the use of a simpler non-overlapping clock generator. The
current' drawn from the reference, which in this case is the mid-rail voltage is not
signal dependent which minimises coup]ing. of the feedback signal to other parts of
systém using the same reference. It also reduces distortion due to multiplicative
~effect of the signal modulating the reference, though low distortion is not impoftant
in this application. Since good rdistortion performance is not a requirement, deléyed

clocking schemes were not adopted [18].

Simulation of this circuit at a high level is necessary to prove that it is indeed a
second brder modulator. If for example the comparator is clocked on the wrong
phase, it will give an output correspondmg to the polarity of the output of the first
stage and the resulting system would be a first order sigma-delta modulator. This
efror would be difficult to notice from a SPICE level simulator over a few tens of

clock cycles.
4,6.2 Reconstruction Filter

Because the compandmg function was required to be an 1nd1v1dual component on
both IC 1mplementat10ns the reconstruction filter was not merged with the band-
limiting filter speciﬁed in the analogue cellular standards. - Instead simple second and
third order Butterworth filters were implemented. These use fully differential
switched c.apacitor'techniques. The second order implementation is shown in Figure
4-22. The one bit multiplier is built into the front end of the filter. Since the
differential single stage folded cascode amplifier used cannot drive resistive or
external loads, the configuration around the output opamp has been modified to use

two single ended two stage amplifiers which are capable of driving resistive and
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external loads. The filter is a differential implementation of the F-damped

biquadratic structure introduced in [19].

It is important that the analogue input signal contains no energy at high frequencies
since high frequency components will mix with the high frequency components in the |

digital signals to give rise to base-band tones and noise.
4.6.3 Digital circuits

The digital system was implemented using bit-serial techniqueé except for the first
half of the decimator and the output sigma-delta modulator which operate at the’
oversampled rate and are implemented using parallel logic. Because most of the
system comprises of shift registers with relatively few taps used, the logic can be laid
out very efﬁcientiy even when an auto-routing tool is used. Since the oversampled
clock rate of 960kHz is very much lower than the clock frequencies available, it
would have been possible to multiplex the digital logic of the compressor and the
expander. However since much of the logic are flip-flops holding state informaticsn‘, :
the savings would not have been particularly great. The clock rate is relatively low
for a sub-micron process which allows use of minimum geometw logic cells to be to
reduce die area. The digital circuitry is implemented in approximately 2000 gates for

each of the compressor and expander.
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The digital section has a single bit sigma-delta modulated input signal and a single bit
sigma-delta modulated output. These two lines, together with a clock are the only
signals which need to be passed between the analogue and ydigital parts of the
companding system which allows the digital circuits to be placed remotely on the IC

die from the noise sensitive analogue circuits.

The only difference between the digital logic required for the compressor and the
expander is in the output sigma-delta modulator. The expander sigma-delta
modulator has a constant reference, whereas the compressor sigma-delta modulator

has a constant input signal and a variable reference level.

4.6.4 Decimation Filter

The decimation filter implements a second order comb filter which reduces the
sample rate by 24 whilst increasing the word-length from one bit to 11 bits. The
comb filter has a FIR response, but is implemented as a cascade of a recursive section
operating at the input sample rate and a non-recursive section operating at the outf)ut

rate [15].
4.6.5 High Pass Filter

The high pass filter mimics the function of an AC coupling circuit by eliminating any
DC component present on the input signal or arising from the analogue sigma-delta
modulator, and in the case of the compressor, arising in the SC réconstruction filter.
The main requirement is good rejection at DC and little attenuation over the speech
band. A first order bi.t serial high paés filter was implemented v;lith a -3dB frequency
of 50Hz.
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4.6.6 Absolute Value Circuit -

The absolute value circuit performs a one's complement negation on the input signal
if the msb (sign bit) is set. This requires a shift register delay line for the bit serial
~ data, since the sign bit in bit-serial arithmetic is the last in the sequence. The output

of this circuit is an unsigned quantity with half the range of the input.
4.6.7 Low Pass Filter

The low-pass filter smoothes the rectified signal to provide the indication of input
signal level. The time constant of this circuit is derived from the step input level tests
specified in the compander system specifications. The time constant required is
20ms corresponding to a -3dB frequency of 9Hz. Truncation effects in this filter give
rise to gain tracking errors for low input amplitudes. The word-length used was 18
bits, but higher word-lengths would significantly reduce the low level tracking error

with only a slight increase in hardware.
4.6.8 Expander Sigma-Delta Modulator

The expander sigma-delta modulator takes the unsigned output of the low-pass filter
and latches it. No further interpolation is required since the images arising from the
increase in sample rate are out-with the audio range and will be attenuated by the

reconstruction filter.

The sigma-delta modulator produces a single bit stream with a ones density
proportionate to the input word. The first order modulator is particularly simple to

implement consisting of a single adder and clocked latch.
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4.6.9 Compressor Sigma Delta Modulator -

The compressor sigma delta modulator is slightly differeht to the expander sigma-
delta modulator since it is required to produjce an output bit stream with a one density
inversely 'proportion'ate to the input word. This is again implemented using a first
order modulator except that the input level is fixed at 1/32 and the reference is varied
between 1/32 and 1. If the input used for the reference signal falls below 1/32 the
output sticks at 1 and the compressor is in maximunﬁ gain mode. The range of 1/32

" to 1 gives a gain range of -30dB to 0dB.
4.7 TEST RESULTS

The specifications required of compressors and expanders typically include the gain
tracking error, the signal to noise ratio, distortion, and the attack and recovery times.
All the measurements discussed below were taken from the first silicon

implementation operating on a 3.0V supply.

1

4.7.1 Expander

The expander attack time is defined as, the time taken for the envelope of tﬁe output
to reach 0.75 time‘s the final steady state value, after an increase in the input by +6dB
step. Expander recovery time is defined as, the time taken for the envelope of the
output to settie to 1.5 times the final steady state value, after a decrease of -6dB at the
input. The oscilloscope traces below show the expander output, for the specified
+6dB steps, and a plot showing the complete envelope of the output for a repetitive

signal. These are equivalent to the simulated traces shown in Figure 4-11.
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Figure 4-23  Expander attack measurement.
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Figure 4-24  Expander recovery time.
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Figure 4-25  Expander response to sinusoid output with a repetitive step change in

input amplitude of +6dB.

The tracking error was measured and gives a curve almost identical to the simulated

one (Figure 4-15) confirming that the simulation methods used were valid.

HICAPS WM 1651 Evaluation

Expander Linearity
B pemean Yo R e S S T e R e S RS e S S S e s R S s S A s e SR sk Se s a e s s e M SR S Sm s sem s

i

| \"\ Device 5@3.0V Reference Expander input = -14.36 dBm
B e«

Reference Expander output = -14.23 dBm
Expander Threshold = -14.29 dBm

Output Error (dB)
o

-35 -30 25 20 -15 -10 5 0 5 10 15
Input Step (dB)

Figure 4-26  Measured gain tracking error of the expander.
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4.7.2 Compressor

Compressor attack time, is defined as the time taken for the envelope of the
compressor output to decay to 1.5 times the final steady state value, after a +12dB
input step. Compressor recovery time, is defined as the time taken for the envelope
of the compressor output to reach 0.7 times the steady state value, after a -12dB input
step. The following traces are the measured equivalents of the simulated traces

which were shown in Figure 4-13.

—-4802  1.00%/ 1 RUN

4J}quﬁ414{n%ﬂﬁJii4dd

|

P : : 1 : 3 : :
t1 = -180.0us t2 = 3.540ms At = 3.720ms 178t = 268.8 Hz

Figure 4-27  Compressor attack.

1 1,50.0% +—1002  5.00%/ £1 RUN
Y : : ; + : : 2 :

0.00ms t2 = 118.3ms At = 18.30ms 1786t = 54.64 Hz

Figure 4-28 Compressor recovery.
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Figure 4-29 Compressor response to input with repetitive change in input

amplitude of +12dB.
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Figure 4-30  Measured compressor tracking error.

4.7.3 Test Issues

The improved sigma-delta based compander structures have several benefits when
considering production test. The robustness of the system means that accurate

measurement of such parameters as offsets and gains are not necessary. A significant
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advantage arises from the fact that the time constants are implemented digitally, and

functionality can be checked as a digital system with out waiting for several time

constants for the values to settle {20].

4.8 SUMMARY

The compander based on sigma-delta modulation has been designed, simulated, and

fabricated with good success. The test results measured were very close to the

simulation. This new topology is therefore a good choice for implementing analogue

companders on modern CMOS procesées.
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5.1 INTRODUCTION

This chapter discusses simulation methods for systems incorporating sigma-delta
modulators. Analogue implementations of sigma-delta modulators are most often
implemented using switch-capacitor (SC) techniques. Digital implementations are

more easily simulated, so most of this discussion concentrates on fast SC simulation.

Figure 5-1 shows an outline of the design flow employed during the design of
integrated circuits (IC). The first simulation task is at a high level to detérmine the
most suitable and cost-effective topélogy for the integration of the system. Once the
high level design process is complete, a schematic database is constructed. This
database incorporates the complete circuit diagram of the IC. The database provides
a key role in ensuring the integrity of the design, both that the simulations accurately
reflect the circuit and that the layout is correct. The goal is to check this database as
thoroughly as possible whilst leaving the least opportunity for errors. This requires
much automation of the checking process. Netlists for simulation are automatically
generated from the database. The final layout information is verified using a layout
versus schematic (LVS) program - again ideally completely automated. A design
rule check (DRC) program is used to ensure the components are correctly drawn on
the layout. Thus the integrity of the schematic database is key to correct
implemehtation and often simulations are used to verify the correctness 6f the

schematics rather than to determine performance figures.
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h

Release Computer Tape for IC Fabrication

Figure 5-1 . - Design flow showing importance of the schematic database.

Accurate simulation of switched capacitor circuits is a difficult and computationally
intensive task.”  Switched capacifor sigma-delta modulators are  even more
computationally intensive since they operate at high sample rates in comparison to
the frequenc\ies of the signals of interest. Traditional circuit simulation prograrhs

such as SPICE for analogue circuits are inappropriate as complete characterisation of
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a sigma-delta modulator based system requires many millions of “samples to be

computed.

Initially what is required from simulation“‘/is-an indication of whether a particular
design is capable of meeting the required performance. Often this is done by coding
a custom simulation program in a standard high level cdmputer language such’as C.
The main advantage of this technique is the speed at which the resulting compiled
code executes. The disadvantage howéver,.is the sigriiﬁcant time required initially to
write the code. Another problem with this technique is that the resulting code bares
no resemblance to the circuit topology. This is a result of the fact that most corﬁputer
1ang§i§1§es are procedural in nature whereas a circuit operates in parallel. Manual
conversion of a signal processing block diagram into a procedural step-by-step list of

computer instructions is tedious and error prone, especially where closed loops are

present and the precise delays around loops are critical. -

A more appropriate description of the system can be achieved using a declarative or

functional language where each statement describes a rule which is always valid. In

a declarative language statements can be considered to be running simultaneously in
parallel as would all the individual parts of the real system. This allows the
description of discrete-time data-flow systems. A large amount of commercially and
non-commercially available software exists for simulating digital signal processing
flow diagrams which may be directly used for sigma-delta modulator based systems.
Spec'ial techniques may be used to speed up simulation for multirate and synchronous

systems [1,2].

An object-orientated programming language such as C++ is more appropriate for
high level simulation work because of the one-to-one correspondence of the concepts
of defining and instantiating a'compone‘nt sub-circuit and the programming concept
of defining an object and its asso;iatéd methods. Furthermore C++ offers the facility
for user-defined arithmetic which éan allow a very high level (whilst also very
efficient) description of digital data-paths. Models of digital filters and digital sigrrfa—

delta modulators may be simply coded which include all the effects of word-length
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truncation and ovérflow. It is a simple matter to verify accuracy down to the least
significant bit by comparing simulated results with those obtained using a digital
simulator. Once the conformance of the model has been proved, the model may be.
used to determine the performance characteristics such as the signal-to-noise ratio
and dynamic range. .Verifying the conform%mce of a C or C++ model to an analogue
simulation result is much more difficult. More extensive simulation of anz;logue
circuitry is required before confidence in the equivalence of the models can be

reached.
5.2 SC SYSTEM VERIFICATION

Most existing SC analysis programs were developed solely for SC based filters.
They are invaluable for verifying the frequency and time-domain response. Analysis
programs for SC filters are not applicable for sigma-delta modulators because they
require that the switch controlling signals to be repetitive and specified before the
simulation commences. With a SC sigma-delta modulator some of the control |
signals are a function of internal voltages. Since a sigma-delta modulator contains a
non-linear component (the quantiser), the concept of a frequency response is not
strictly applicable. However correct functionality can be verified through time
domain simulation. With modern engineering workstations it is now realistic to
simulate SC circuits using transistor level simulators such as SPICE over a small
number of sample periods. However it is not realistic to use SPICE to verify that, for
example, a third order sigma-delta modulator is not actually a second or first order
modulator due to incorrect implementation. Time domain SC simulation closes this
gap between low level and high level simulafion. This level of simulation is useful
for studying internal signal swings since it retains a speed advantage whilst retaining
a close correspondence to the actual circuit. The netlist presented to the simulation
may be obtained automatically from the schematic data base allowing verification of
the integrity of the database. Simulation at the SC level isk also invaluable for
determining the effects of ﬁnite gain, voltage offsets, comparator hysteresis,

component mismatch and parasitic capacitance.

-
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5.2.1 Existing SCiSimulation Tools

A number of software packages have beép developed which are suitable for high
level sirﬁulation of switched-capacitor Sigr;la-delta modulators. The popular line‘ar>
SC analysis prograrh SWITCAP [3] was extended to allow transient simulation of
systems with internally controlled switches [4]. The approach in [5] is unusual in
that graph methods are used to formulate the circuit equations. The' result is a model
which may be used for chip-level simulation. Another approach has been to extend
an analogue simulator to make it more suitable for discrete-time signals and
switched-capacitor circuits in particular [6]. An approach specifically developed for
sigma-delta modulators uses state transition tables to speed up simulations [7]. Large
tables are compiled from running transistor level simulations to give mappings from
the present integrator voltage to the next discrete time voitage state due to the
integration of charge on the input switched capacitors. The switched network
- simulator, SCNAPS, includes the effects of resistance and finite amplifier bandwidth
and has been coupled to a commercial digital simulator [8] to allow mixed SC and -

digital simulation.

The method discussed here was developed to provide'a fast method for verifying the
correctness of SC schefnatics and also to allow fast simulation of systems including
limited types of non-ideal effects such as parasitic capacitances between nodes, finite
amplifier gain, comparator hysteresis. The method allows a C program to control the
switch states so that systems with significant digital circuitry such as the si‘gma-delta.

compander could be simulated quickly. Accurate estimation of performance
degradation due to resistance and finite amplifier bandwidth and component non-

linearity is not attempted.

Since SC circuits are almost always designed to have accurate settling by the end of
each clock pha;;e, the assumptions of zero switch resistance, zero amplifier output
impedance and infinite amplifief bandwidth are not severe and they éllow circuit
simulation mz;ny orders of magnitude faster than traditional circuit simulators such as
SPICE.
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There are two principal contributors of non-ideal effects which must be considered
during the design of SC circuits. The first is the linear errors due to non-zero switch-
on resistance and finite bandwidth amplifiers. These give rise to settling-time related
errors which can be detected as a worsening in performance as the sample rate is
increased. The second is due to non—lineaf component characteristics such as non-
linear amplifier transfer characteristics, voltage dependant switch registanc:a and

charge injection effects. These are invariant to changes in sample rate.

Unfortunately both of the above error sources interact and both must be considered
together if more accurate simulation is required. This mandates the use of programs
such as SPICE which solves sets of non-linear stiff partial differential equations.
Whilst it is shown in [9] that the settling time constant can almost be as long as the
duration of the a clock period, in practice the séttling must be much more accurate
since any settling-related non-linear effects (eg. amplifier slew) will ruin the
- performance of the system [9, 10]. Therefore SC circuits must be designed to have
much more accurate settling than that allowed by linear settling requirements and
thus simulations incorporating only non-ideal switch resistance and amplifier
bbandwidth are not particularly useful. Recently a formulation has been reported
which allows non-linear components, but méking the assumption that the SC circuit
will settle completely on every clock phase [11]. This can only give the perfofmance
for the limiting case of low sample rates. Accurate simulation of SC circuits
therefore need to incorporate both types of non-ideality, which require methods
similar to that of SPICE. For faster simulation the requirement for either finite
resistance / bgndwidth effects or non-linear effects must be compromised - neither of
which are required if the purpose of the simulation is to prove that the implemented
topp]ogy is correct. Thus in practice idealised SC simulation is both a useful and an

accurate simulation method.

5.2.2 Formulation of Circuit Equations

»

The SC simulation method is based on the two-graph formulation of the circuit

constitutive equations [12]. However restrictions on repetitive controlling clocks
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have been eliminated. As a result of not requiring the same equation formulation to
be used for AC analysis, some additional steps can be taken to decompose the circuit
matrices into several much smaller matrices which are signiﬁcanﬂy quicker to solve.
Instead of solving one large, although sparse matrix, it is possible to solve several
much smaller matrices typically of maximu;n order 2 or 3, the solution of which may

be explicitly solved without invoking general sparse matrix solution methods.

The circuit is represented by a network consisting only of ideal elements - switches,
capacitances, opamps, voltage-controlled-voltage-sources (VCVSs) and independent
voltagel sources. Furthermore the presence of a switch with its associated controlling
clock is taken to imply the possible existence of two related networks - that obtained
when the switch is open and that obtained when the switch is closed. Different sets
of equations are formulated and solved for each different set of clock states. Thus the
switches and clock states do not enter the circuit equations which must be solved for

~ a particular clock phase.

‘The components are ideal. The switches are ideal in that when a switch is closed, the
two nodes are effectively the one circuit point (zero impedance) and when the switch
is open the two nodes are unconnected (infinite impedance). The VCVS has zero
output impedance and constant gain over all frequencies. The opamp is a type of
VCVS which has infinite gain, which ensures that the amplifiers differential input

voItage is identically zero.

The equations are set up using the charge conservation law. If a node is connected to
capacitances only, then the charge on the node must remain constant. Nodes
connected to independent or dependent voltages sources do not have charge
conservation equations written for them since the sourée can 'ailow arbitrary charge

transfer. However for each voltage source a voltage equation must be written.

Rather than constructing circuit matrices as done by most simulation programs, the.
method which has been adopted is to store the equations as linked lists. This is

effectively a sparse matrix method where the rows and columns are addressed
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associatively (as in an associative array) rather than numerically. This method avoids

a lot of the book keeping required when eliminating and reordering equations.

o

5.2.3 Minimisation of the SC equations

The order of the equation set can be significantly reduced by removiﬁg duplicate
variables from the set. When a closed switch connects two nodes, the two nodes are
effectively one. Both the charges on the nodes and the voltages 6n the nodes are
equivalent. In some cases only fhe charges of two nodes are equivalent (e.g. the two
nodes of a voltage source), or only the two voltages on the nodes are equivalent (e.g.
the input terminals of an ideal opamp). This leads to the concepts of charge

equivalent and voltage equivalent nodes.
- 5.3 CONTRIBUTIONS TO THE CIRCUIT EQUATIONS

A different set of equations is created for each distinct set of clock phases which
occur. Each of these sets of equations is e‘ssentiallly‘a DC solution giving the final
node voltages after all charge has settled. The passage of time is represented by a
sequence of different clock phases. For the case of a simple two phase switch-
capacitor filter, there are two clock phases, even and odd which alternate. Sigma-
delta circuits add at least two more clock phases for case of the comparator output

high and low.

Each component in the circuit makes some contribution to the circuit equations.
Rather than constructing the equations on a per node basis, it is simpler to build the
equations up by considering each component in turn. The complete set of equations
is the superposition of all the individual equations as described in the following
sections. The notation j, is used to denote the voltage at node j while the charge

present is denoted by j,.
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5.3.1 Closed Switch -

je—>—0"0—>—]

[

Figure 5-2.  Closed Switch
A closed switch connects two nodes to behavye as onet Thus:
=l RS
i, =7, o B : (5-31)

The equations (5-30) and (5-31) are only valid fdr clock phases in which the switch is
closed. For all other clock phases, the two nodes are disconnected and must be

~treated as two separate nodes.

5.3.2 Independent Voltage Source

Figure 5-3. Independent voltage source.

- The charge on each side of a voltage source (VS) must be equal, allowing two charge
equations to merge. The nodes are charge equivalent (5-32). However a voltage

equation must be added to represent the voltage constraint (5-33).
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ih=J.=E : : (5-33)

5.3.3 Voltage controlled voltage source

j e—o ——<—ok

V.

@ |

Figure 5-4  Voltage controlled voltage source (VCVS)

The voltage controlled voltage source is similar to a VS except that the voltage
~constraint is a linear relationship between two other circuit voltages. Thus the

equations become:
uj, —u',—k, +k',=0 ~ ' (5-34)

k,=k' (3-35)

Figure 5-5.  Operational Amplifier (Opamp)

The opamp is similar to the VCVS except that it has infinite gain. This cannot enter

the circuit equations directly by setting u = c. Instead the consequence that the input
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terminals must be at equal voltages is used (5—365. This allows a further equation to

be eliminated. -

Jo= - (5-36)
k =k', - (537)
5.3.5 Buffer

Figure 5-6  Buffer
A buffer is a voltage source which follows the voltagé on the input. Thus
Jo=k, (5-38)
k=8, | (539)
where g, repfesents the charge associated with the ground node. Since this is the
reference node, no equations are set up for it and it is assumed to have a voltage of

zero. Thus node j is made voltage equivalent to node &k (5-38) and no charge

equationé are set up for node k (5-39).
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5.3.6 Capacitance

Figure 5-7  Capacitance

Capacitances influence the charge equations for the two nodes connected:

Charges at node j :

G, -\ = Cit) =G, () | (5-40)
Charges at node j :

~Gj, +Cj',==Cj, )+ Cf', (t7) | : (5-41)

where j(f') refers to the voltage on node j at the instance immediately prior td this
switch phasing. Capacitors are the only memory in the system from phase to phase.
The complete charge equations are given by the superposition of all the contributing

components.
54 COMPUTER IMPLEMENTATION

The equation set is constructed from the following rules.

Equations are created in the form:

" LHS = RHS , (5-42)
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where the RHS is known. >

A charge conservation equation is created for each node other than the ground
(reference) node. A single equation is produced for each set of nodes declared as

charge equivalent. -

Terms are added to the charge equations for each of the capacitors in the circuit.
Charge equivalence’s are used for both the -LHS and RHS. Voltage equivalence’s are
used only for the LHS. The RHS represents the voltages on the capacitances at the
end of the previous clock phase which are used to determine the initial charge (béfore

charge transfer) on each node.

Further equations are added for the voltage felationships - independent voltage

sources and VCVS. VCVS have no contribution to the RHS.

Unless there is a topological error in the circuit the resulting set of equations should
be solvable (n equations and n unknowns). The equations can be written as a matrix

equation:

Ax = RHS (5-43)

and solved by standard LU decomposition techniques. Since the matrix A is éparse,
the equation set could be mapped to a standard sparse equation solver [13]. A simple
sparse solver has been implemented which has the advantage of retaining the

equations in the same data structure as used above.

The solution of the equations yields the voltages for each of the voltage equivalent
groups. The only thing left to do is to copy the voltages determined to the other

nodes which are voltage equivalent and had been removed from the equation set.
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Note that if the equations are stored between clock phases, only the solution of the
equation and copying back the voltages to the collapsed voltage nodes need be

performed if this clock phasing recurs.
5.4.1 Reduction of the equation set.

The Simpliﬁcation of SC circuit equations relies on the fact that in a particular phase,
the SC circuit usually consists of a number of small independent circuits which can
be solved independently. The algorith_m first looks for single equations which can be
immediatély‘solved before looking for pairs (and so on) of equations which can be
solved Once nodal voltages become known, references to those voltages in the LHS
~ of the remaining equations may be moved to the RHS (with a corresponding change
of sign). Although very simple, this method has been found to very effective. For
most differential SC circuits the maximum order of an individual system of equations
is three or less. Note that this reduction means that simulation time becomes linear in
terms of circuit size. This is an important result since the SC simulation is intended |
to be able to simulate large systems, such as the entire transfnit and receive signal

paths of modern telecommunications ICs.
5.5 EXAMPLES

The SC simulation program has been used extensively on a variety of SC circuits,
including multirate filters, sigma-delta modulators and other non-linear SC circuits

[14].

As an example of the usefulness of SC time domain simulation and as an illustration
of how the SC circuit equations are formed and reduced, the single opamp second
order sigma delga modulator used in the compander will be discussed. AThis is only
part of the éC circuitry of the cdmpander, but is sufficiently complex in itself that
proof of correctness simulation is invaluable. The schematic for this circuit is given

. in Figure 5-8. The function and operation of this circuit is not obvious from the
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diagram, yet to verify correctness requires many thousands of simulation cycles to
verify that it is indeed a second order modulator. For example if the clock phasing of
the comparator is swapped, the comparator samples the output of the first integrator
rather than the second and the result is a first order modulator. This difference would
be difficult to see from the few cycles that can be realistically simulated using circuit’

simulators such as SPICE.

The schematic of Figure 5-8 is used to automatically generate a SPICE compatible
‘netlist, and this is processed to convert the MOS transistor level circuit description in
to an SC level netlist. This netlisting process is completely autpmated and results in
a flattened (no hierarchy) netlist using SC level models for the switches and
amplifiers (Table 1 and Table 2). Most of the node labels have been marked on the
schematic. For this example the amplifier was replaced by an ideal opamp with ideal
common-mode performance. The comparator is deleted from the netlist and a small
C program is used to set the switch states for each clock phase. The C program
monitors the amplifier voltages AMPP and AMPN to determine the comparator
digital output and sets the SDQ clock appropriately. For the full compressor
simulation, the C program calls a function representing the digital circuits and sets
the one-bit multiplier clocks appropriately. Having set all the clocks to their correct
states, the C program calls the SC simulation routine which determines the
appropriate set of equations to use and solves them to determine the new voltages in

the circuit.

A VCVSis ursed to provide ideal common mode feedback for the ideal opamp. This
ensures that the two output voltageé swing symmetrically around the analogue
ground reference point (AGND). Thé other VCVS is used as an ideal single-ended to
differential converter for the input signal. The voltages at AGND and SWGND are
~ constant and set to be 1.5V (mid-rail on a 3V supply). This sigma-delta modulator
derives its feedback signal as the potential between SWGND and VREFN. The
capacitance values are in units. So long as all the capacitances are measured in units

then only the capacitor ratios are important.
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Nodes:

0

2

4
AMPPIN
SWGND
VINT1P
VIN1P
V20N
V1QBP
Vv1QPp

Capacitors:

c(cint2n)
c(cint2p)
c(cintlp)
c(cintln)
c(cin2n)
c(cin2p)
c(cinlp)
c(cinln)
c(c2gbp)
c(c2gbn)
c(c2qgn)
c(c2qgp)
c(clgbp)
c(clgbn)
c(clgn)
c(clgp)

Opamps:

opamp (xg54 .opamp) AMPPIN AMPNIN AMPP AMPN

VCVSs:

AGND
AMPNIN
AMPN
9

3
VINTIN
VININ
VE2N
V1QBN
VE1P

VE2N
VE2P
VE1P
VE1N
VE2N
VE2P
VE1P
VE1N

 VE2P

VE2N
VE2N
VE2P
VE1P
VE1N
VE1N
VE1lP

PIN
AMPP
11

- VREFN

COMPNIN
VIN2N

- V2QBP

COMPNIN
COMPPIN
VINT1P
VINTIN

VIN2N
VIN2P

VIN1P .

VIN1N

V2QBP

V20BN
V20N
V2QP

V1QBP’

V1QBN
V1QON
V1QP

V2QP
V1ON

N S ol el el SIS I I SR Ny Ny Nt-N

vevs(vevs) PIN AGND NIN AGND -1

vevs(xg54 .vcvs) AMPP AGND AMPN AGND -1

Ciocks:
SDQB SDQ

Sources:

CLKS9602

Vs (VSSWGND) SWGND 0
vs (VSAGND) AGND O
vs(VSVREFN) VREFN 0
vs(vsPIN) PIN 0

Table 1
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CLKS9600

8

10

5

NIN
COMPPIN
VIN2P
V20BN
VE2P
VE1N

Processed Netlist (capécitors, amplifiers, voltage sources).



Switches:

S(xg53
s(xg53
s(xg50
s(xg50
. s(xg49
s(xg49
s(xg48
5(xg48
s(xg47
s(xg47

S(xg46.

s(xg46
s(xg45
s(xg45
"8(xg44
s(xg43

s(xg42.

S(xg4l
s(xg40
s(xg40

5(xg39.
s(xg39.

- s(xg38
s{xg38
s(xg37

s(xg36.

s(xg35
sS(xg35

s(xg34.
s(xg33.
s(xg32.
s(xg32.

' s(xg31

s(xg3l.

s(xg30

s(xg30.
5(xg29.

s(xg28

s(xg27.
s(xg27.
S (xg26.
s(xg25.
s(xg24.
s(xg24.
s(xg23.
S (xg22.

S (xg20
5({xgl9
s(xgll

s(xgll

.s_odd)
.s_even)
.s_odd)
.S_even)
.s_odd)
.s_even)
.s_odd)
.S_even)
.s_odd)
.s_even)
s_odd)
.S_even)
.s_odd)
.s_even)
.S)

.8)

s)

.8)
.s_odd)
.s_even)
s_odd)
s_even)
.8_odd)
.s_even)
.8)

s)
.s_odd)
. S_even)
s)

s)
s_odd)
s_even)
.s_odd)-
s_even)
.s_odd)
s_even)
s)

.S)
s_odd)
s_even)
s)

Ss)
s_odd)
s_even)
s)

s).

. S)

.S)
.s_odd)
.s_even)

S(xg9.s_odd)
sS(xg9.s_even)

Table 2

VREFN

9
COMPNIN
VINTIN

COMPPIN

VINT1P
PIN
SWGND
SWGND

- AMPNIN

SWGND
8
VREFN
2.
SWGND
VREFN -
VREFN
SWGND
AMPNIN
SWGND
SWGND
AMPP

4
VREFN
SWGND

" VREFN

10
SWGND
VREFN
SWGND
AMPPIN
SWGND
SWGND
AMPN
5
SWGND
VREFN
SWGND
11
VREFN
SWGND
VREFN
SWGND
AMPPIN
VREFN
SWGND
SWGND
VREFN
NIN
SWGND
SWGND
3

“ V1QBN
V1QBN
_ AMPN
AMPN
‘AMPP
AMPP
VIN1P
VIN1P
VE1P
VE1P
V1QBP
V1QBP
V1QP
vigp
V1QBP
8
V1iQP
2
VE2P
VE2P
VIN2P
VIN2P
vV2QP
vV2QP
V2QBP
10
V2QBP

V2QBP .

v2QP
4
VE2N
VE2N
VIN2N
VIN2N
V20N
V20N
V20BN
11
V2QBN
V2QBN
V2QN
5
VE1N
VE1N
V1QBN
9
VIQN
3
VININ
VININ
VI1QN
V1QN

" Processed Netlist (Switches).
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CLKS9602

"CLKS9600
' CLKS9602

CLKS9600
CLKS9602
CLKS9600
CLKS9602
CLKS9600
CLKS9602
CLKS9600
CLKS9602
CLKS9600
CLKS9602
CLKS9600
SDQ
SDOB
SDOB

SDQ
CLKS9602
CLKS9600
CLKS9602
CLKS9600
CLKS9602
CLKS9600
SDQ

SDQOB
CLKS9602
CLKS9600

. SDQOB

SDQ
CLKS9602
CLKS9600
CLKS9602
CLKS9600
CLKS9602
CLKS9600
SDQ
SDQB
CLKS9602
CLKS9600
SDQB
SDQ
CLKS9602
CLKS9600
SDQ
SDQB
SDQB
SDQ -
CLKSS602
CLKS9600
CLKS9602
CLKS9600



The topology in which these components are connected depends on the switch
control signals. Each distinct switch control signal signifies a further two possible
topologies that are possible. Thus the number of topologies increases exponentially
with the number distinct switch control signals. Fbrtunately ‘many of these
combinations are never occur. (e.g. EVEN Wand ODD both on) and in practice it is
possible to store all the equations associated "with each topology. Thisﬂ makéé the
program very much more efficient since the equation formulation needs to be
performed only once for each topology. If bomputer storage is a problem then some
performance enhancement may be still obtained by keeping a cache of recently used

formulations.

In this example there are four switch control lines - two associated with the SC
integrator (CLKS9600 and CLKS9602) and two associated with the one bit DAC
(SDQ and SDQB).

For each phase, as it occurs, a set of équations if formed. The case of CLKS9600

(even) and SDQB active will be discussed here. The switches listed in Table 3 are

closed.

s(xg53.s_even) - 8(xg50.s_even) s(xg49.s_even)
s(xg48.s_even) s(xgd7.s_even) s(xgd46.s_even)
s(xg45.s_even) s(xg44.s) s(xg4l.s)
s(xg40.s_even) s(xg39.s_even) s(xg38.s_even)
s(xg37.s) s(xg35.s_even) s(xg33.s)
s(xg32.s_even) s(xg3l.s_even) s(xg30.s_even)
s(xg29.s) s(xg27.s_even) s(xg25.s)
s(xg24.s_even) s(xg23.s) : s(xgl9.s)
s(xgll.s_even) s(xg9.s_even) :

Table 3 List of closed switches during EVEN and SQB active.

The first task is to determine the charge and voltage equivalence’s. These are listed

in Table 4.
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f Nodes: Chargé‘ Voltage

Equivalent Equivalent -
0
AGND Q == 0
PIN Q == 0 J
8 Q == 0 -V == SWGND
2 Q == 0 V == SWGND
AMPNIN V == AMPPIN
AMPP Q == 0 V == VINT1P
10 ,
4 Q ==0 V == SWGND
AMPN Q == 0 V == VINTIN
11
5 Q == 0 V. == VREFN
AMPPIN
9 Q == 0 V == VREFN
VREFN Q == 0 .
NIN Q ==0
SWGND Q == 0
3 Q == 0 V == VREFN
COMPNIN
COMPPIN
VINT1P Q ==0
VINT1N Q0 ==0
VIN2N Q ==0 V == VINTIN
VIN2P Q ==0 V == VINT1P
VIN1P Q0 ==0 V == SWGND
VINLIN Q == 0 V == SWGND
V20QBP Q ==0 V == SWGND
V20BN Q == 0 V == VREFN
V20N Q == 0 V == SWGND
VE2N Q == 0 V == SWGND
V2QP Q ==0 V == VREFN
VE2P Q ==0 V == SWGND
V1QBP Q ==0 V == SWGND
V1QBN Q ==0 V == VREFN
V1QN Q ==0 V == VREFN
VE1IN Q == AMPPIN 'V == AMPPIN
V1QP Q == 0 V == SWGND
VE1P Q == AMPNIN V == AMPPIN

Table 4 Charge and voltage equivalent nodes

Typically more than two nodes can be in each charge or voltage equivalent group.
Rather than store each group as a set, a pointer is used to point to a single member of

the set which is then used in equations. These pointers are indicated by the “Q==

and “V=="entries in Table 4. Thus charge equations are only created for the nodes
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in Table 4 which do not have a charge equivalent node marked. LiKewise only the
voltages on the nddes which do not have a voltage equivalent node marked need to
be solved. The other voltages will be copied from the solution vector as indicated by
the voltage equivalencé field. Thus the charge and voltage equivalence entries are a

simple and effective means of reducing equation complexity.

Note that in the above table the opamp inputs (AMPNIN and AMPPIN) are defined

to have no voltage between then by means of a voltagé equivalence.

At this stage, all the equations required have been identified, but are initially empty
(they have no termsb in either the I‘_.HS‘ or RHS). The next step fills the equations by
considering each component in turn, together with the voltage and charge
equivalence table and superimposing the cofnponent equation contributions as
detailed in section 5.3 onto the system equations. The resulting set of equations are

_ printed by the program are listed in Table 5.
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Equation Name

vcvs
vevs (xg54 . vevs)

vevs
VCVS (VCVS)

Source
vs(vsPIN)
Source

vs (VSVREFN)
Source

vs (VvsAGND)
Source

vs (VvSSWGND)
Chgs @ COMPPIN

Chgs @ COMPNIN

Chgs @ AMPPIN

Chgs € 11
Chgs 10
Chgs @ AMPNIN

(]

LHS

1*v(VINTLIN)
+ 2*v(AGND)
+ 1*v(VINT1P)
1*v(NIN) = -
+2*v (AGND)
+1*v (PIN)
1*v(PIN) "

1*v (VREFN)
1*v (AGND)
1*v (SWGND)

4%v (COMPPIN)
-4 %y (SWGND)
4%y (COMPNIN)
-4*v (SWGND)
-2*v (VREFN) ‘
-2.86*Vv (SWGND)
-4*y (VINT1N)
+8.86*v (AMPPIN)

0

0

-4 .86%v (SWGND)
-4*v (VINT1P)

+8.86*v (AMPPIN)

Table 5 Resulting equation set.

RHS

1*v(source_node)
l*v(source;hode)
1*v(source_node)
l*v(source_node)
4%y (COMPPIN)

-4*v (VE2P)

4%y (COMPNIN)
- 4*v (VE2N)

© -1*v(V1QN)

-1*v(V1QBN)
-2.86*v(VININ)
-4*v(VINT1N)
+8.86*V(VELN)

0

0

-1*v(V1QP) ,
-1*v(V1QBP)
-2.86*v(VINLP)
-4*v(VINT1P)
+8.86*V(VELP)

These equations are then simplified as much as possible. For example the voltages at

the input nod:es such as PIN, NIN, VREFP, VREFN, ANGND are all known without

having to solve simultaneous equations. Knowing these nodes then simplifies the

equations for remaining nodes. In this case all but three of the nodal voltages may be

determined by a linear combination of already known nodal voltages. The final three

nodal voltages must be determined simultaneously from the set of three remaining

equations. The final complete sequence of equations sets are printed out by the

program and are listed in Table 6.

135



Order 1:
Source vs(VsPIN):
1*v(PIN)

Order 1:
Source VS (VSVREFN):
1*v(VREFN)

Order 1:
Source vs(VsAGND):
1*v (AGND)

Order 1:
VCVS VCVS(VCVS):
1*v(NIN)

Orxder 1:
Source vs(VSSWGND) :
1*v (SWGND)

Order 1:
Chgs @ COMPPIN:
4*v (COMPPIN)

Order 1:
Chgs @ COMPNIN:
4*v (COMPNIN)

Order 3:
vCcvVs vevs(xg54.vevs):
1*v(VINT1N) 1*v(VINT1P)

Chgs @ AMPPIN:

-4*y(VINT1N) 8.86%v(AMPPIN)

Chgs @ AMPNIN:
-4*v (VINT1P)
+8.86%*v (AMPPIN)

1*v(source_node)
- ( 0)

v

1*v(source_node)
= ( 0 )

‘1*v(source_node)

- ( 0)

0
- ( 1*v(PIN) -2*V(AGND) )

1*v(source_node)

- ( 0)

4*v(COMPPIN) -4*v(VE2P)
- ( -4*V(SWGND) )

4%y (COMPNIN) -4*v(VE2N)
- ( -4*V(SWGND) )

0 .
- ( ~-2*v(AGND) )

-1*%v(V1QN) =-1*v(V1QBN)
-2.86*v(VININ) - -4*v(VINT1N)
+8.86*v(VELN)
- ( -2.86*V(SWGND)
' -2*v(VREFN) )

-1*v(V1QP) -1*v(V1QBP)
-2.86*v(VINLP) -4*v(VINT1P)
+8.86*V(VELP)

- ( -4.86*V(SWGND) )

Table 6 Simplified sequence of equations sets for the sigma-delta modulator.
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In this example, only one set of equations needs to be solved; this being a set of three
equations govemi‘ng the voltages on the integrating capacitors and a voltage
controlled voltage source providing common mode feedback fo_r' the amplifier. The
equation; above are solved in sequence. The variables on the RHS in plain text refer
to the node voltages prior to the sampling instant. The variables of the RHS in italics
refer to node voltages after the sampling inétant - these will have already "been
determined by the time they are used. This example has shown ho‘\;v a system
consisting of 37 nodes, 52 switches and 16 capacitors has been reduced to some first

order equations and a single third order system of equations.
5.5.1 Finite Bandwidth and Resistance Effects

It is possible to use ideal SC simulation to model finite bandwidth and switch on
resistance. The method involves converting resistances to switched capacitors
operating at a rate higher than the highest clock in the system [3]. Whilst crude, this
method has the advantages of being quick to implement (no additional simulation
capability is required) and fairly quick to run (there is no requirement for the

numerical integration of differential equations).

This method was used to study the settling in compander. The operational
traﬁsconductance amplifiers (OTA) are modelled as a VCVS with a resistive outputs
implemented using the SC method. From the schematic (Figure 5-8) it can be seen
that the OTA in the sigma-delta ADC drives a larger capacitive load during the
EVEN phase giving a longer settling behaviour which can be seen in Figure 5-8
showing the OTA outputs and inputs. This method has been used to confirm the
ordering reqﬁirements on SC clocks in the compander system since the precise clock
timing can be quite critical. For example, the input of the compander may sample the
preceding stage lgefore it has finished settling. The signal dependent switching on the
input of the compander can disrupt the operation of SC circuits ahead of the

compander giving rise to aliasing and tone phenomena.
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Figure 5-9. Simulation of SC circuit with finite output impedance OTA.
5.5.2 Third Order Sigma-Delta Modulator

The SC simulation program has also been used during the design of a third order
cascade sigma-delta modulator. The cascade type of sigma-delta modulator uses a
second sigma-delta modulator to digitise the analogue quantisation error of the first.
When the two sigma-delta modulator outputs are suitably combined, the result is a
higher order noise shaping characteristic. Since this arrangement relies on noise
_cancellation, component sensitivity and tolerance are important considerations. Also
the method of combining the two outputs must be correct and this is very difficult to
confirm using a traditional simulator since many samples must be simulated before
the performance iﬁlprovement can be measured. A further use of the simulator for

this design problem was to check signal swings for both small and large inputs.

138



The circuit designed and simulated is shown in Figure 5-10. The first stage has been
implemented using a switched-capacitor gain enhancement technique which is used
here to increase the effective gain of the first OTA [15]. This rcduces the distortion

of this stage [16). The circuit has 37 capacitors and 58 switches.

The simulation program was first used to check that the topology operates as a 'third
order modulator. The equations governing the integrator voltages are more complex
than for a simple model as a result of the gain enhancement stage. All the integrators
intégrate charge on both clock phases (even aﬁd odd). The SC simulation provides
both even and odd phase voltages used for checking voltage swings. The signal
swings are quite different for large and small signal conditions. The signals on the
three inpﬁts are plotted for the large signal case in Figure 5-11. This clearly shows
that the signal on the first stage is correlated with the input. The capacitance values
have been chosen that to ensure that these signals swing by less than half the supply
voltage (5V). This is required for the best integrator linearity and consequently the

best overall converter linearity.

The internal signal swings for small inputs is ‘quite different (Figure 5-13).
Probability density functions for both the large signal and small signal cases have

been determined and are shown in Figure 5-12 and Figure 5-14.
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Figure 5-10. Schematic for the third order sigma-delta modulator.
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Figure 5-11  Signal swings for large sinusoidal input.
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Figure 5-12  Histograms corresponding to Figure 5-11.
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Figure 5-14  Histogram of internal signal swings corresponding to Figure 5-13.
5.6 COMPARISON OF SIMULATION SPEED

The sigma-delta modulator was simulated using commercial simulators. It is
difficult to compare simulators because of the speed / accuracy trade-off. The default

accuracy settings were used, and only the most important nodal voltages saved since
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saving output data can be a bottleneck. The times were measured on a SUN

ultraSPARC 1.

Simulator Speed = . Time

»

(samples / second) (secohds / sample )

HSPICE 0.09 A 11
SABER (transistor level) | 0.09 11
SABER (SC level) 1 1
SCITS 800 0.00125
C code : 50600 0.00002

Table 7 Speed comparison of various simulation methods for SC circuits.

From Table 7 it can be seen that the ideal SC simulator (SCITS) is four orders of
magnitﬁde faster than SPICE level simulation. The version of SPICE used was
HSPICE [17]. An order of magnitude speed benefit over HSPICE can be achieved
by using the ideal components provided by SABER [18]. For this simulation, the
amplifier was replaced by a ideal voltage controlled current source, the MOS A
switches by ideal digitally controlled switches, the clock generator by a digital
* equivalent and the comparator was replaced by a very simple ideal model. There
were no MOS transistors in this simulation. However this éimulation did take switch
on resistances and finite transconductances into account, giving non instantaneous
charge transfer and so the simulator still had to converge over continuous time

signals.

5.7 SIMULATION OF DIGITAL SYSTEMS

Simulation of digital sigma-delta modulator systems is usually much less of a
problem than for analogue systems. Digital systems map well to being modelled on
digital computers using languages such a C, C++ and VHDL [19]. In particular C++

and VHDL are suitable for emulating digital signal processing operations accurate to
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the least significant bit (LSB). Performing fixed-point arithmetic ifi C, C++ and
VHDL is surprisingly tedious, especially if the word-lengths are to be kept variable
so that the word-length can be increased until the required noise performance is met.
A library of C++ routines has been written which makes coding DSP algorithms very
much simpler, whilst still retaining accuracy} down to the LSB in fixed word-length

arithmetic.
5.7.1 Fixed Point Arithmetic in C++

The fixed point librai'y was written in C++ making use of the facility to define new
types and to overload the operators. The performance fequirements of digital
systems can be determined and checked before the detailed digital design starts. The
C++ models can then be compared against a digital logic simulation to check for

correct gate level implementation.

Each fixed-point quantity has an associated word length which cannot be altered. To
allow for fractional quantities, the number of integer bits (i) and the number of
fractional bits (q) are stored and are denoted as (i,q) [20]. Thus the decimal number
1.375 may be held as 1.011 in (1,3) format. Two distinct object types are available to
. cater for both signed and unsigned numbers. The definition of the fixed-point type
and the associated operators were chosen to be as mathematically correct as possible.
Thus operators such as “+”, “-” and “*” (multiply) return fixed point results with a
word length long enough to ensure that the result can be exactly represented. The
assignment operator also ensures that no information loss will occur. This differs
from the approach of Kim and Sung [21,22] and was chosen to ensure that all
information loss was explicit. The “%=" assignment operator was chosen to denote
the concépt of an approximate or lossy assignment which can be used to assign
floating point nu’mbers to a fixed point variable, or to deliberately truncate a longer
fixed point quantity and assign to a shorter one. The assignment operators such as
“4="_cannot expand the word lehgth of the left hand side, and so operate using
modulo arithmetic. These techniques which can be elegantly coded in a standard

computer language are like:ly to supersede the use of special purpose programs such
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as Silage [23,24,25]. The following code extract shows how the fixed-point library

can be used to describe the operation of the digital filter shown in Figure 5-15.

// Filter Coefficients (quantised to 6 bits)
const unsigned_FixPt cl( 0.470753, 0, 6 ),
c2( 0.922338, 0, 6 );

inline void allpass::filter( signed_FixPt x ')
{
signed_FixPt new_internal =
((( x - internal ) * cl).truncate to(lS) + 1nput d)
.limit(¢( 5, "allpass - 1" )i

output_d = ((( new_internal - output_d ) * c2)
.truncate_to(15) + internal )
.limit(5, "allpass - 2");

internal = new_internal;
input_d = x;

set_output( output_d );
make_valid(l);

internal

Figure 5-15 Digital All-pass Filter.

The all-pass filter shown in Figure 5-15 can be used to form efficient interpolating
and decimating filters [26] which are very suitable for use with sigma-delta
modulators. Systems consisting of many of these all-pass sections together with
digital comb filters and digital sigma-delta modulators have been suécessfully
modelled with the fixed-point library and verified against digital gate level
simulations. The characteristic of the models were shown to be identical to the
designed hardware by comparing the responses from various typical and worse case

input signals.

The fixed-point library may be combined with the ideal SC simulator to provide
complete system level simulation of mixed-signal ICs. The TFN library described in -
the appendix may also be combined to allow the effects of the continuous time filters

and external filters to be included in the simulations.
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5.8 SUMMARY -

The switched capacitor simulator has been shown to fill a gap in the simulation tools -

provided to designers, by allowing speedy simulation of SC circuits including

internally-controlled switches from a schematic netlist. The simulation has been

shown to be four orders of magnitude faster than SPICE and three orders of

magnitude faster than a commercially available solution. Furthermore use of the

C++ language greatly eases the writing of simulation code to model the digital parts

of a system accurately and efficiently. |
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6.1 DISCUSSION OF RESULTS

The objgctive of this work was to develop te;:hniques and design methods suitable for

exploiting sigma—delia modulation in modern telecommunications applications using
modern CMOS IC processes. Such systems are sufficiently varied that it is not
~ possible to conceive of a general purpose design tool to solve most of the design
problems, as is the case for filter design [1]. Thus some general purpose techniques
and tools were assembled making it easier to describe and evaluate designs such that
the designers’ creativity is exploited and not inhibited. These tools have been used to
develop new implementations of communications functions which have been used as

examples throughout this thesis.

IC process technology is advaﬁcing at such a rate that new techniques are continually
becoming feasible, while existing techniques are being superseded. The now
widespread use of sigma-delta based ADCs and DAC:s for digital audio applications
is an example of this. Ten years ago such techniques were not cost effective because
of the expense of implementing the extensive digital ﬁltering required. Today sigma-
delta modulators are replacing more conventional conversion techniques even where
the superior linearity is not important because the digital circuitry continues to shrink
and the total cost of mostly digital solutions is always reducing. The compander
discussed in Chapter 4 is also an example of this phenomenon - five years ago the
mixed-signal solution would not have been appropriate (a BiCMOS solution was
cheaper), while today it is a good solution, and in five years time a completely digital
solution (with sigma-delta based ADC and DAC) is likely to be more suitable.
Contributions to easing and speeding the design process for new techniques have

formed the main achievement of this thesis.

Methods for desfgning and optimising the noise shaping and signal transfer function
of high order sigma-delta modulators were given. The application of this to reducing -
the oversampling ratio required for audio signals was first reported in [2] and this

publicatibﬁalso predates most in its discussion of the requirement for a dither signal
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even with very high order sigma-delta modulators. The design tools*developed for
this were also used in the design of a sigma-delta modulator optimised for modem
applications, where the sigma-delta modulator also acts as an input filter to prevent

o

information loss due to limiting.

Redundant arithmetic exhibits an aptness for use in digital SDMs, in that it is the
most significant digits of the loop filter output which are required quickly in sigma-
delta modulation and these digits can be calculatéd very quickly when using
redﬁndant arithmetic. However the continual advance in digital IC processes and the
lagging in the development of suitable integrated filters limits the requirement for
these spec;ial techniques for high speed sigma-delta modulators. At present high
speed DACs are most often implemented using multilevel current sources. The
combination of redundant arithmetic SDMs and the FIRDAC filter using current
source DAC elements, as discussed in Chapter 3, ‘r;lay become a viable technique for
SDMs with sample rates greater than ZOMHz. Some similarities of the FIRDAC to
the emerging techniques fdr multi-level SDM DACs using dynamic element

matching were also discussed.

The compander discussed in Chapter 4 makes good use of relative proficiencies of
analogue and digital techniques. Analogue circuitry is used to provide an area-
efficient solution while digital circuits are used to implement those functions which
are very difficult to manufacture reliably with analogue techniques. In the future this
split between analogue and digital will change. However other functions, probably
operating at video frequencies (2-20MHz) are likely to benefit from this tightly
coupled hybrid | approach where digital circuitry controls analogue signal paths

without digitising and reconstructing the signal.

The simulation methods for switched capacitor circuits provides several orders of
magnitude quicker simulation, yet retains the ability to describe the circuit
implementation as a schematic. This has made it possible to design complex SC .
functions such as the single multiplexed amplifier SDM and the gain—enhanced third

order SDM with confidence that the topology is correct. This is important to ensure
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functionality in the first implementation on silicon. Both the compander and the

third order SDM were fully functional on the first returned silicon.
' 6.2 PROPOSALS FOR FUTURE WORK -

The advance of IC technologies requires continual advances in design tools and

methods.

Only a very limited number of topologies have been suggested for the
implementation of high order SDM loop filters. This is unlike the case for general
filter design. A study into alternate structures may yield systems with important

practical advantages such as lower coefficient spread or lower sensitivity.

The choice of SBNR in implementing redundant arithmetic based sigma-delta
modulators is probably inefficient. Further research into higher radix redundant
arithmetic implementations may yield more efficient designs which still retain
uhlimited precision with no speed penalty. The associated problem of implementing
high performance, high bandwidth analogue reconstruction filters on silicon requires
much research since it is this component which limits the bandwidth of sigma-delta
DACs today. Some of the techniques used at present for implementing high speed
DAGCs, such as the array of current sources [3], ‘could be extended to be used for
FIRDACs. Further work could include a detailed study of the relative merits of the
FIRDAC structure and emerging techniques for multi-level SDM DACs.

As mentioned above, future implementations of compander functions are likely to be
all digital. Indeed the requirement for new corhpander designs is limited since most
new communications standards are | digital. However new compander
implementations will be required to provide backwards compatibility for dual-mode
cellular telephony, but are likely to implemented using code written for a general ‘
purpose digital signal processor already present in the design to handle the more

complex modern digital communications standards. Thus future work in specific
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area of audio companders is limited. However in the more general area of systems
exploiting the singlé bit output of the sigma-delta modulators, the sensitivity to high
frequency input components must be noted. The solution to this pfoblem seems to be
to use a simple FIRDAC instead of the single bit DAC multiplier as was discussed in
Chapter 3. The requirements and implications of incorporating a simple FIRDAC

should be studied for any future SDM compander designs.

It was noted in Chapter 4 that the compressor could also be considered as an
compressing analoguve to digital converter. A re-evaluation of this system in the
context 6f a compressing ADC may suggest applications where this technique may
be useful. The digitisation of telephone speech may be one application. If instead of
the internal ADC being a second order SDM, it was a higher order SDM designed to
have a low pass signal transfer function (using the methods discussed in Chapter 2)
then it may be possible to dispense with or simplify the filter in the compressor

topology.

A similar formulation to that used in the SC circuit simulator should be possible for

switched-current circuits.

The SC simulation program could be extended to handle non-linear circuits with a
complete settling assumption. A formﬁlation for this is discussed in [4], but the
formulation has not been developed into a full system simulator. The comi)lete
settling requirement could be separately checked using an linear SC simulation
methods which includes resistive effects. Unfortunately, one of the main reasons that
very good settling is required in SC circuit designs is to be sure that there are no non-
linear effects, such as slewing which affects the settling. Thus including either
resistive effects or non-linear effects individually gives limited additional
information. This is one of the reasons why the ideal SC circuit simulator developed
in this work has been so useful despitcﬁ including neither of these effects. Including
both resistive effects and non-linearity implies the use of vthe numerically intensive

methods used in simulators such as SPICE and SABER. However, including non-v
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linearity would give an indication of the performance limit at low clock rates. It

would not help determine at what clock frequency the performance begins to drop.

The TFN library desc‘ribed\ in the appendix“lcduld be usefully extended to allow
multiple transfer functions to be used to describe the overall transfer function. The
consequence of this is that it would allow the structure of the implementation to'be
represented as well as just the overall transfer function. This could be used to
perform internal nodal scaling in both the frequency domain analysis and time-
domain simulations. . Additionally, the synthesis techniques of [5] could be
incérporated. This would allow a specified transfer function equation to rbe
transformed into the set of equations which correspond to a particular topology. The
use of the Tcl-Tk library [6] would be appropriate to improving the interface with
design tools making use of the polynomial library. .
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APPENDIX - TRANSFER FUNCTION MANIPULATION
| LIBRARY (TFN)
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7.1 INTRODUCTION

This appendix has been included to describe the syntax of TFN - a transfer function
description and manipulation language which has been used to describe transfer

functions throughout this thesis.

The transfer function manipulation librafy was written to allow both z and s domain
transfer functions to be easily specified and manipuléted. It has been incorporated
into numerous programs for filter transfer function design and simulation. The
determination of frequency domain response is often used by filter design programs
to compensate for other fixed filters in the signal path. The time-domain simulation
capability can be used to incorporate linear filter blocks in high level descriptions of

systems.

Of specific interest are the facilities for designing and simulating sigma-delta

modulators with user definable noise shaping and signal transfer functions.

To the user, the input format appears to be similar to a géneral mathematical package,
highly specific for transfer functions (and consequently highly optimised). The
polyhomials are always reduced to a fixed but flexible data structure. Each factor
may have an associated clock rate which indicates that it is a z domain function, and
that when evaluated at a frequency f, the corresponding location on the unit circle is
determined, rather than the corresponding location on the imaginary axis for s-

domain factors.

A number of general mathematical packages exist, both commercially and non-
commercially, which could be used to perform the functions of TFN. However
because these packages have not been designed with transfer functions énd signal
© processing in mind, they are less optimal and less easy to use than TFN. For example .
genéral symbolic packages such as MAPLE or Mathematica are much slower than

- TFN because of the genera'iity of the their data structures. The speed at which
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transfer functions may be generated and manipulated is not normally important. The
speed at which the fesulting transfer function can be used to filter sampled data
signals is very important since it is common for high level simulations to require
many millions of samples to be processed. More numerically orientated packages
such as MATLAB require the transfer function to be forced into a fixed form suitable
for the underlying matrix and vector data structurés. The result is that the MATLAB
Signal Processing package stores transfer functions in the coefficient form which can
be numerically problematic. Furthermore these packages do not allow concepts such
resonant frequencies and quality factors to be directly entered, although functions
could be added to do this. The packages mentioned above offer very much more than
what is available in TFN - but TFN is superior for transfer function description and

manipulation.
7.2 MACHINE REPRESENTATION OF POLYNOMIALS

Rational polynomials are almost always held as a pair of polynomials, one for the
numerator (zeros) and one for the denominator (poles). Polynomials may be held b);
a computer in a number of different forms. The data structure used in TFN has been

chosen to general enough to encompass the two most common methods.

A polynomial may be described in coefficient form:

n N

- 2

H(@) =Y a,2* =a,2" +a, 2" " +...a,2" +a,z+ a,
k=0 .

The coefficient form is most suitable for finite impulse response (FIR) where the

coefficients are simply successive samples of the impulse response.
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The alternative method is to hold the polynomial in factored form:
Ho=[lGe-2) .
. h=0 :

For transfer functions with real coefficients the factors occur either singly on the real
axis, or in conjugate pairs. This restriction ensures that a real input signal is
transformed to another real signal. The factored form has important advantages in
numerical sensitivity aﬁd also in the design of algorithms to implement the transfer

function. It is generally preferred compared to the coefficient form.

TFN holds a rational transfer function as a pair of polynomials, each of which is held
as a linked list of factors. The factors are limited to have only real coefficients. Thus
a conjugate pair of roots must be described as a single quadratic factor. The factors
may be of any order (including zero order which is a constant gain factor). This
method has the advantage that poles and zeros may be held in fully factored form to
retain the numerically s;uperior behaviour. Where ever possible the transformations

available in TFN preserve the polynomials in as factored a form as possible.
7.3 TRANSFER FUNCTION INPUT FORMAT

The transfer function format was designed to be very simple to parse. The parser
reads words separated by white-space from the input file. Each keyword read causes
a number of further words to be read dependent on the particular keyword. For
example the keywbrd “gain” takes three arguments - a numeric frequency value, a
numeric gain value and a pdlynomial to which the gain term is applied. Typically the
polynomial word will itself be a keyword ca{using the parser to recursively read more
words. The “{* keyword is used to group a list of polynomials together until a

trailing “}” is encountered. The result is a single polynomial.
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For example:

gain 1k 1 [ |
l:fo 0 / 2:foQ -1k 0.707
} : .

This describes a 2™ order band-pass filter since it has a single first order zero at DC
with a second order denominator. The resonant frequency is 1kHz with a quality
factor Q of 0.707. The gain at 1kHz has been set to unity. This simple exafnple has
illustrated that the transfer function can be described in the terms that an engineer is
most familiar with (resonant frequency, quality factor, gain) rather thén as a list of

coefficients or pole locations.
7.3.1 Valid Numerical Suffixes

Numerical suffixes which may be used to hodify the value of a numerical constant
are listed below. In particular the "dB" and the "rad" suffixes are useful in filter
transfer function specification. The suffixes "k" and "M" are useful for specifying
clock rates. All frequencies in TFN are in Hertz (Hz), but frequencies measured in
radians may be entered and converted to Hertz by usihg the “rad” suffix. The "K"
and "KK" suffixes are useful for specifying FFT lengths which must be a power of

two.
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Suffix: Effect: "
f NUM * 1e-15
p NUM * 1e-12
n NUM * 1e-9
u NUM * 1e-6
m NUM * 1e-3
ko NUM * 1e+3
M NUM * 1e+6
G NUM * 1e+9
K NUM * 1024
KK NUM * 1024*1024
rad NUM * 0.5/
dB 10NUM/20.0

7.3.2 Valid Transfer Function Keywords

The transfer function input routine reads a single keyword, and performs the
corresponding operation, and returns the resulting polynomial. Typically the first
keyword is "{" to read a number of factors. A keyword may be used where ever a

transfer function is expected.
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7.3.3 Simple factor definition

General n'™ order

The general form of specifying a factor is an integer n denoting the order immediately
followed by a colon and the n+1I coefficient values starting with highest power. For

example:

3: 1231

corresponds to the factor s° + 25 + 3s + 1. Thisis always interpreted as a s-domain
polynomial, unless it is converted to z-domain by using a s to z domain

transformation or directly converted using “fclk”.
Zero Order

Constant gain factors may be expressed using the standard coefficient form notation -

or by using the “constant” keyword, or just the number itself.

0: x zero order factor created with constant value x
constant x zero order factor created with constant value x
X zero order factor created with constant value x

Constants are by default s-domain although it does not matter if they are interpreted

as z-domain.
First Order

First order factors may be expressed using the standard coefficient form or by
specifying the root location (on real axis), or as a corresponding frequency or time-
. constant. When a frequency is specified, the root is assumed to be on the left hand
side of the s-plane corresponding to minimum phase zeros or stable poles. Negative

frequency values denote non-minimum phase zeros or unstable poles.
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1:root x first order factor corresponding to a root at (x,0)

1.fof first order factor corresponding to frequency fin Hertz
1itctc first order factor c0(responding to time constant "tc"
Tirerc first order factor corresponding to time constant r*c

1. a1 q general first order factor (as*s + ap)

All of the above are created in the s-dorhain.

Second Order

Second order factors may be specified either in the standard coefficient form or by

specifing the root location or a frequency and quality (Q) factor. Positive values of

frequency result in minimum phase zeros or stable poles in the s-plane. If the Q

value is not specified then the roots are assumed to be on the imaginary axis. This is

useful for specifying zero pairs which correspond to notches in the frequency

response.

2:root x y 2nd order factor created with root at (x,y) and (x,-y)

2:fof 2nd order factor created with root at (0,2nrf)

2:f0Q fQ 2nd order factor created corresponding to fo and Q values
2. a,a;a general 2nd order factor

All of the above are created in the s-domain.
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Classical Filter Transfer Function Design

Polynomials may also be specified as being a classical transfer function. The

resulting polynomial is normalised so that at the frequency 1 rad/s corresponds to the

-3dB frequency (Butterworth) or the pass-band edge (Chebyshev type I) or the stop-

band edge (Chebyshev type II, also known as inverse Chebyshev). The comb filter

facility gives a polynomial with a specified number of unity coefficients. This is

useful for the comb filter decimators and interpolators used in sigma—deIta modulator

systems.

butterworth n

Butterworth filter order n

chebyshev n passband_ripple

Chebyshev type | order n

inv_cheby n stopband_ripple

Chebyshev type |l order n

combn

comb filter length n (order n-1)

All of the above with the exception of “comb” create fully factored polynomials in

the s-domain. The “comb” instruction creates a z-domain factor with a unity sample -

rate.
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Transfer Function Transformations

Factors and polynomials may be transformed and combined in a number of ways.

Factors are created as s-domain

factors and must be converted to z domain if

“necessary, by an appropriate function such as fclk, matched_z and bilinear.

/ POLY swap numerator and denominator (used to implement
the denominator) ’
fclk POLY apply clock rate (coefficients unaltered)

matched_z fc POLY

matched-z transform assuming clock rate of fc

bilinear f1 f2 fc POLY

bilinear transform, mapping f1 to f2 assuming a clock
rate of fc -

modified_bilinear f1 f2 fc POLY

bilinear transform mapping f1 to f2 assuming a clock rate
of fc without mapping s domain zeros at infinity

freq_scale f1 f2 POLY

s domain low pass - to low pass transform, f1 maps to 2

highpass f1 f2 POLY

s domain low pass - to high pass transform, f1 maps to
f2 '

transform POLY1 POLY2

general transformation of POLY 1(x) using

X « POLY2(x)

bandpass f1 f2 f3 POLY

s domain lowpass to bandpass transform, f1 maps to f2
and f3

add POLY1 POLY2

addition, numerators of polynomials will be expanded
first

expand POLY

multiply out all factors in POLY

factorise POLY

determine first and second order factors of POLY

cascade n POLY

duplicate POLY n times
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7.3.4 Other Manipulations

gain f g POLY o evaluate POLY at f and add zero order factor to make
‘ magnitude g

rm_constant POLY delete all zero order factors

{ POLY1 ... POLYN } read polynomials until "}" and treat as one entity

quantise n POLY quantise coefficients of POLY to nearest 2™

zeros_of POLY ' return numerator of POLY, discard denominator

poles_of POLY return-denominator of POLY, discard numerator

NTF_to_H POLY convert noise transfer fn to loop filter

H_to_NTF POLY convert sigma-delta loop filter to equivalent noise

transfer fn '

7.4 STAND-ALONE PROGRAMS

Once a transfer function has been specified, by the far the most common uses of it

are:
1. plot the frequency response (ac response)

2. plot the time domain response (transient response)
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As an illustration, the following describes a fifth order elliptic filter with quantised -
coefficients which has been realised as the sum of two parallel paths, one containing

a2nd brder all-pass filter, and the other a 3rd order all-pass filter.

J
fclk 500 {

0.5
add
quantise 8 {
2: 0.141349 0 1
/ { 2: 1 0.0.141349 }
}

quantise 8 {
2: 0.589995 0 1
/ { 2: 1 0 0.589995
:"1 0

1:
}
}

The resulting transfer function has a fifth order coefficient form numerator (because
the addition must be performed on polynofnials in coefficient form), and a fifth order
factored denominator (because the addition doesn't need to expand the denominator).
In general, all the manipulations retain the factored form if this is possible. If a
factored form was required in the numerator, this could be explicitly requested by

preceding the whole transfer function by the keyword "factorise".

The stand alone program test_poly can be used to observe the above. The usage is:

test_poly “tfn”

where "tfn" is the file name containing the transfer function description. 'test_poly"
does nothing more than read the transfer function and print it out, yet it is invaluable

for checking transfer functions when they are in their initial development.

To then check the frequency response of the transfer function, the following is used:

responsé "tfn" f_start f_stop num_pts [lin]log]

If f_start is zero then the linear option is default, otherwise the log option is default.

‘This evaluates the transfer function at num_pts equally spaced points on a linear or
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logarithmic axis between the frequencies f_start and f_stop. The above transfer
function was specifiéd as being z-domain by use of the "fclk" keyword, and so the
transfer funption will be evaluated at the complex locations around the unit circle. A
mixture of s and z domain factors is permissible.” For éxample, if the effect of sin x /

x distortion is important, then this can be added to the transfer function with:

gain 0 0dB {
‘felk 500 { 1: 1 -1}
/ { 1:fo 0 }
}

This contains a z domain function to implement the “sin x” part, and a s domain pért
to implement the "/ x " part. This cannot be evaluated at zero frequency (DC) due to
the singularity. Mixing s and z domain factors is also useful for taking into account
continuous time anti-aliasing and smoothing filters when determining overall system

responses.

Having checked the frequency fesponse it is often desirable to study the effect on an
input signal in the time domain. This is achieved for sampled data systems in a
cofnpletely general manner by reading a file of input samples and outputting the
corresponding filtered sampled data signal. This is currently only applicable for pure

z-domain functions which a consistent sample rate for all factors.

The usage of the time domain program is straight forward:

time_domain "tfn" < "input" > "output"

where "tfn" is the file containing the description of the transfer function and "input”

is a file containing the input samples (in ASCII text format) separated by white space.
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For example to plot the impulse response the following file might be used:

L o000 O
coocoocoo
coocooco
cooooo
coocooco
cooocoo
coococoo
coocooo
coococoo
coocooo
coococoo
coocooo
coocooo
cooooo
cooocoo
coococoo
coococoo
cooooo
coocooo
coococoo

and for the step response:

N S
e
e
o b b
el
N = N S IS g
PR RRER e
R
N SR SR
el e
e e
R e e
s
2R e R b
= R e
R e
PRPREPR
R R PR Re
PR R RRP
PR RRRP

Other more complex signals can be created, e.g. for siudying the effect of a data

recovery filter on the resulting eye diagram.

Often the three standalone programs above are all that is required. Sometimes
however the transfer function is just a small part of a more complex system and it is
useful to use the above facilities in other C programs. A library containing all the

facilities described above is available for this purpose.
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7.5 EXAMPLE -

This example is for a third order sigma-delta modulator with a clock rate of
1.536MHz. The NTF has a notch at 4kHz and‘ithé. STF has been given a gain of -6dB
so that the modulator remains stable for inputs of magnitude up to the reference

signal.

tf_ntf:

rm_constant matched_z 1M {
1:fo O
2:fo 4k .
1 / poles_of highpass lrad 55k butterworth 3
}

tf_stf:

expand gain 0 -64B° .
fclk IM 1 { 3: 1. 0 0O
poles_of { file tf_ntf }
}

The noise transfer function is based on a third order Butterworth high-pass filter with
a -3dB point at 55kHz. The zeros associated with this have been discarded by using
"1 / poles_of" so that the zeros can be explicitly placed (a pair a 4kHz and the
remaining one at dc). To satisfy the realisability constraint of having a delay in the
closed loop, the multiplying constant of the poles and zeros has been set to unity
using "rm_constant". The STF has been formed of the same poles as the NTF but
without the zeros so that a 3rd order low-pass response results. The responses can be

checked using:

response. tf_ntf 100 500e3 1000
response tf_stf 100 500e3 1000

The resulting graphs are plotted in Figure A-1.
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Figure A-1  Response of the NTF and STF.

A sigma-delta modulator simulation may be performed using the command:

ac 65536 999 le6 0.5 | sdm tf_ntf tf_stf 2

This generates 65536 samples of a sinusoid of frequency 999Hz with an amplitude of
0.5 as input to the sigma-delta modulator with 2 quantisation levels. The resulting

spectrum has been plotted in Figure A-2.
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Figure A-2 Spectrum from sigma-delta modulator simulation.
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